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Abstract

This research intends to focus on filter architectures for bio-medical ap-
plications. The proposed filter architectures are designed to operate on
a supply voltage of 1.8V in 0.18 um standard CMOS process from UMC

technologies.

Initially, this thesis proposes a novel architecture for realizing very low
transconductance values with tunability. This transconductor architec-
ture makes it possible to realize a fully differential filter without the need
of explicit common-mode feed back (CMFB) circuit. Using the proposed
transconductor a fourth-order, low pass Butterworth g,,-C filter with tun-
able bandwidth has been designed for biomedical signal processing front-
ends. This novel filter architecure has two bandwidth tuning schemes,
a resistor based tuning (R-tuning) and a switched transconductor based
tuning (D-tuning). With these tuning techniques, the filter is made tun-
able in the range 30 mHz-100 Hz. The filter operating on 1.8V supply is
found to offer a DR of 56 dB consuming a power of 1.14 uW. In terms of
Figure-of-Merit (FoM), the proposed filter is found to be on par with the

filters reported in literature.

This thesis also proposes a second-order low pass Butterworth filter with
tunable bandwidth capable of offering a dynamic range of 91.86 dB. The
proposed filter is based on a sub-threshold source follower. The main idea
is to exploit the strengths of sub-threshold source follower circuit, like low
noise, low output impedance, high linearity and low power. The transistor
bias currents are switched to enable the bandwidth tuning in the range 4
Hz- 100 Hz. A PTAT current reference circuit helps to keep the bandwidth
intact across process, voltage and temperature variations. In terms of noise
and dynamic range the reported filter is better than previous works found
from the literature. The filter consumes 25.9 nW making it a potential

candidate for portable biomedical applications.

Finally, this thesis proposes a scheme to enhance the output resistance of
a differential amplifier. A negative resistance is used to cancel the output
resistance of the differential amplifier. This inturn is achieved through a

transimpedance based loop. It is proved that the proposed scheme can



give a gain enhancement of about two folds (in dB) compared to the gain
of basic differential transconductor, without loss in linearity. An OTA
designed using this scheme is found to offer least sensitivity of gain boost
over output voltage swing across process corners, at nominal voltage and
temperature, when compared to other methods found in literature. A first
order filter is designed using the proposed r, enhanced OTA. The filter
offer cut-off frequency down to 0.5 Hz without any switching scheme, and

more significantly without the loss of DC gain.

Keywords: Analog filter; Low cut-off frequency; Bio-medical; Source fol-
lower; High dynamic range; Conductance cancellation; Gain enhancement;
High gain OTA;
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Chapter 1

INTRODUCTION

Naturally occurring signals are typically weak analog signals, usually corrupted by
noise. They must be amplified and filtered to improve the signal-to-noise ratio before
converting them to digital for further processing. Amplifiers and filters along with
Analog-to-Digital Converters form the analog front end of a typical signal processing
system. Filters in analog front end help to eliminate out of band noise and also used
as anti-alias filters. The frequency of the analog signals generated at frontiers such as
seismology, biology, astrophysics, geophysics typically fall in the range of few tens of
milli-hertz to few hundred hertz.

Bio-electric signals are signals generated by the cells and tissues of the biological
system. These signals are predominantly used to extract information related to the
health state of any biological system. Recording and evaluation of these bio-electric
signals helps in diagnosing and monitoring the patients health and also in timely treat-
ment of diseases. Bio-electric signals such as electrocardiogram (ECG), electromyo-
gram (EMG), electroencephalogram (EEG), and Local field potentials (LFP) are small
signals of low frequency usually found in the 10 mHz to 10 KHz frequency range (Web-
ster 2009). Figure 1.1 Harrison (2007) shows a typical range of signal amplitude and
frequency contents of such bio-signals.

Historically, standard medical instruments used for measurements have been bulky
and involves attaching of electrodes or sensors to the patient to be monitored. This
procedure is acceptable for the short term monitoring, however for long-term monitor-
ing it is not comfortable. The cost of these conservative procedures are significantly
high due to the long pre-testing and many medical regulations. However, by using

the recent innovations in bio-medical instruments like wearable and implantable de-
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Figure 1.1: Frequency content and amplitude distribution of common bio-potentials

vices the same functionality can be implemented with low cost, high performance and

smaller form factor.

Block diagram of a typical bio-potential signal acquisition system is shown in
Figure 1.2 (Zhang et al. 2013). After converting a physiological signal into an electrical
signal by the transducer, an analog pre-processing block is required to amplify and
filter the signal before sending it for further processing. Amplification and filtering
helps to enhance the quality of the desired bio-potentials by reducing the unwanted
noise. The filters are therefore inevitable in analog integrated circuits designed for

processing such signals.

Biological System Electrical Slgnal —————————————————————

! Analog preprocessing :
| [} .
| I Signal Output
@:: Transducer : LPF | > Processor >
! |
[}

Figure 1.2: Block diagram of bio-potential signal acquisition system

This research focuses on the design of filters for such bio-medical acquisition sys-
tems requiring low cut-off frequencies with low power consumption and smaller silicon

area.



1.1 Motivation

There are a number of filter topologies found in the literature. A few important and

common filter topologies are,

Passive RLC filters
Active-RC filters
MOSFET-C filters

Switched capacitor filters and

Transconductor-capacitor (g, — C) filters

Passive RLC filters are simple in architecture and consume very low power. Fig-
ure 1.3 shows the schematic of a first order low-pass filter realized using the passive

RC topology.

Figure 1.3: Passive-RC filter

The transfer function for passive filter is of the form,

H(s)= 1+1sRC (1.1)

However, for realizing higher order filters, cascading of filters cannot be adopted
directly without accounting for the loading from the following stage. Another limita-
tion is that for realizing filters having high quality factor (@), inductors have to be
used along with resistors and capacitors. Realizing inductors in integrated circuits,
especially for low frequency filters where the desired inductor will be large (of the
order of milli henries), is impractical as it would occupy a significantly large silicon
area.

An alternative approach is to use active filter, where inductors are realized using

a combination of capacitors, resistors and active elements. The use of active elements

3



also allows easy cascading of sections. For these reasons active filters are widely used
in integrated circuits.
Figure 1.4 shows a first order Active-RC low-pass filter. The filter transfer function

has the same form as in (1.1) except that it has a negative sign.

R
VvV
11C
v, R |
VA = V,
———O

Figure 1.4: Active-RC filter

Passive and Active-RC filters are not preferred for realizing low bandwidth filters.

This is because, the cutoff frequency of these filters is of the form given in (1.3),

1
Jo= m (1.2)

For realizing a filter with 100 Hz bandwidth, if an on-chip capacitor of 1pF is
chosen, the value of R required would be as large as 1.59 Gf). The value of R further
scales up, as the bandwidth requirement of the low-pass filter goes down. Realizing
such a large value of passive resistors on-chip is quite impossible.

In MOSFET-C filters, MOSFET operating in linear region is used to implement
tunable linear resistances (Neshatvar et al. 2014, Harrison and Charles 2003). This
technique is quite popular because of its simplicity and ease in tunability achieved
by simply changing the gate voltage of MOS resistor. A basic MOSFET-C integrator
circuit is shown in the Figure 1.5. The time constant achieved in such filters is decided
by R.,C product, where R, is the channel resistance of the transistor M;. The channel
resistance is limited to few tens of mega ohms which is not sufficient to implement
filters with very low cut-off frequencies. Also, the linearity of the circuit depends on
the linearity of the MOS resistance. To achieve good linearity the transistors are often
driven by a large gate voltage. This typically necessitates voltage boosting circuits for
realizing gate voltage above the available supply voltage.

Switched-capacitor filters are popular in biomedical systems. A schematic of
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Figure 1.6: Switched capacitor integrator

switched capacitor integrator used in such filters is shown in figure 1.6. Here the
resistance is replaced by a switched capacitor circuit such that R = 1/(f,C;) where f;
is the frequency at which the switches are operated and Cj is the switching capacitance

(Sarpeshkar 2010).
The cutoff frequency of such filters takes the form as in (1.3)

e
- 2

However, for large time constants (low bandwidth), switched capacitor (SC) topolo-

Jo (1.3)

gies require large capacitor ratios (C'/C5). This demands a large power for the opamp
as it has to drive high capacitance of C. Also, stability of the loop can be an issue
with the common Miller compensation since it tries to make first stage output node
of the opamp a dominant pole contributor. In addition, switched capacitor filters
suffer from leakage problem in advanced nano-meter processes, in which case leakage
reducing mechanism is necessary to retain the signal. For the above reasons, SC filters

are found only upto a bandwidth of few hundreds of hertz on the lower side.
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The g,, — C filters are often preferred for high frequency filters due to their open-
loop architecture. However, large time-constants can also be practically achieved in
this type of filters. A simple first order g, — C' low-pass filter is shown in Figure 1.7.

The transfer function of this filter is given in (1.4).

Vi \‘
o—— + V,
g o

m

Figure 1.7: First order g,, — C filter

The cutoff frequency in such realizations is,

B 1
C

The cutoff frequency of the filter is decided by the ratio %. Thus, lower cutoff

frequencies can be practically achieved by increasing C and/or decreasing g,,. If we

H (s) (1.4)

consider increasing the capacitance alone, the value of capacitance required becomes
large. Off-chip capacitance values as high as few micro-farads can be used. However,
off-chip capacitors increase the pin-count of the IC as such filters are not stand-
alone systems rather a part of the system in total, especially in system-on-chip (SoC)
applications. In addition, since the transconductors are typically of very low value,
they suffer from the possible leakages at the bond pads and electro-static-discharge
(ESD) protection circuits when used with off-chip capacitors.

For SoC applications the filters have to be realized on-chip, calling for the use of
on-chip capacitances. In such a case the capacitances are limited to a few tens of
pico-farads due to the limitations posed by silicon area and associated cost.

With the limited value of capacitance available on-chip, creating a large time
constant for very low frequencies is a challenging task. For very low values of g,,, of the
order of sub-micro siemens, MOSFETSs have to be generally operated in weak-inversion
region. However, linearity has to be traded-off. Therefore, realizing extremely low g,,
preserving linearity over the input range and hence the acceptable dynamic range is

a real challenge.



One more advantage of g,, — C' filters is that their bandwidth can be easily pro-
grammed by tuning g,, which in turn can be easily attained by varying the bias cur-
rent [,. Hence they occur as a natural choice for low frequency applications, less than
100 Hz. Accordingly many filters in the literature are found to use g, — C toplology

for low frequency applications.

1.1.1 Low Power IC Design Challenges

Power consumption is one of the major concerns in the design of circuits targeted for
portable biomedical applications like wearable and implantable devices. The system
being powered from battery, the designs are expected to consume as low power as
possible, down to the order of micro-to-nano watts. In CMOS technology, it is common
to operate MOS transistors in the sub-threshold or weak inversion region by applying
very low bias currents in the order of a few pA’s down to a few nA’s Solis-Bustos
et al. (2000) Surachoke and Sawigun (2018)Lee et al. (2018) thus resulting power of
the order of micro/nano watts.

However, operating MOS transistors in weak inversion region with low bias currents

leads to the following issues:

e In weak inversion region, as the current equation is governed by exponential
function, the I-V characteristic of the MOS transistor is highly non-linear(Enz
et al. 1995).

e The effect of transistor mismatches in weak inversion region are more, when com-
pared to transistors operating in strong inversion region because of low current
densities(Kinget 2005).

e As the design is for low frequency applications, flicker noise(1/f) is one of the
important parameter of concern. To suppress 1/f noise large sized transistors
are required thus occupying large chip area(Veeravalli et al. 2002a, Sawigun and
Serdijn 2016).

Designing filters, offering desired performance parameters, under the influence of
above mentioned issues is quite challenging. Any effort on filter design offering a
sufficient dynamic range with reduced power or in other words offering state of the
art Figure-of-Merit (FoM) is worth investigating. And this thesis is the result of the

efforts in this direction for realizing filters having tunable bandwidth.
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1.2 Prior Work

In literature, several works have reported the design and implementation of OTAs
and low frequency g, — C filters for biomedical applications. However, in this section
the works reporting the techniques used to achieve low transconductance and the

technique used to simulate large capacitors are discussed along.

To reduce the cut-off frequency, increasing the capacitance beyond few tens of
picofarads is limited by silicon area and cost. Higher value of capacitances have
been found to be emulated through Impedance scaling techniques in (Silva-Martinez
and Salcedo-Sutier 1997, Silva-Martinez and Vazquez-Gonzalez 1998). The impedance
scaling increases the effective capacitance on chip. The principle of impedance scaling

is as shown in Figure 1.8. If the g, of the diode connected transistor is large enough,

Tt

-

Figure 1.8: Impedance scaling technique

than the small signal input current i; can be approximated to (1.5)

M +1

i i 1.5
i 7V (1.5)
From (1.5), the equivalent input impedance becomes,

v Z

If Z is realized as a capacitance C, than the effective capacitance seen at the input
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terminal is C' scaled up by a factor (M + 1) i.e.
Ci=M+1)C (1.7)

In fact, the admittance seen at v; has a pole at —% and this pole has to be placed
sufficiently far away from the desired filter bandwidth. This demands g, to be suffi-
ciently large. In addition, the M is the scaling factor and larger the M more will be
the current requirement. Therefore, the circuit altogether results in increased noise
and power consumption. This capacitance scaling technique has been used to realize
capacitance of the order of 200 pF using 5 pF in Solis-Bustos et al. (2000). Also, an
attempt has been made to improve the circuit. However, noise and power have still
been a concern.

As has been mentioned already, the low cutoff frequencies can be achieved through
transconductance (g,,) reduction techniques too. Commonly, the basic transconductor
unit is modified to reduce the effective g¢,,. The various g,, reduction techniques
available in literature as reported in Veeravalli et al. (2002b), Solis-Bustos et al. (2000)
and their limitations are discussed below.

In current division technique (Silva-Martinez and Salcedo-Sutier (1997)), current
mirrors or splitters with large division ratios are used to reduce the output current of
the transconductor and hence the effective transconductance. The basic idea of the

current division technique is as shown in Figure 1.9

Vdd
ISS
M:1 1:M
V.
(W/L) =
R L N
I\/“01 io1 io2 Mioz

Figure 1.9: Current division technique.

The effective transconductance achieved from the current division is given by

9m
m,e == 1.
Imeefs = [T A1) (1.8)
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where M is the ratio of transistors used for the current division. The current division
technique is also used in Solis-Bustos et al. (2000), Arnaud et al. (2006) to achieve
large time constants. The limitations are large circuit area, limited dynamic range
and low current ratio accuracy as reported in Silva-Martinez and Salcedo-Suner (1997)
and Zhou and Chakrabartty (2015). In addition, use of large division ratios increases
the offset voltage.

Use of Multiple Input Floating Gate (MIFG) based transconductor is another tech-
nique found in literature to get low g,, (El Mourabit et al. 2005, Veeravalli et al. 2002a).

The schematic of such a transconductor is shown in Figure 1.10. Here, floating gate

Vb C2 vdd
et
ip 01\
O_J i) (WIL) \#0

Vip ~-- l . T im
lo1 lo2

Figure 1.10: Multiple input floating gate technique

MOS transistors with two inputs (the bias voltage Vj, and input V;,,,) are used as the
input transistors. These transistors capacitively attenuate the voltage at the input,

thus reducing the effective g,,. The effective g,, is given by

Cy
m,e = 'm 1.
Gmeff (Cr+G)g (1.9)

where C; and C5 are the poly capacitors coupled to the input. For proper operation
the value of capacitors C'; and Cy must be greater than parasitics. The drawbacks
are large circuit area due to large capacitor ratios required, limited tunability and
increased input referred noise.

Source degeneration technique is also used to reduce the g,, in Veeravalli et al.
(20020). Figure1.11 shows the transconductor adopting source degeneration tech-

nique. The effective g,, obtained is given by

9m
m,eff — 1.10
Imesf =15 4R (1.10)
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Figure 1.11: Source degeneration technique

The drawback of the technique is large value of R required to achieve low g, results
in more circuit area and noise.

Bulk driven transconductor topology shown in figure 1.12 is also found as a method
to realize low bandwidth filters (Cotrim and de Carvalho Ferreira 2012 ,Veeravalli et al.
2002b). Here, the input is applied to the bulk terminal rather than gate terminal. This
is to take advantage of lower bulk transconductance (g,) typically around 0.2 to 0.4

times gate transconductance (g,,) as per (1.11) .

Vdd

ISS

\Y; V, Vi v

OJ_| |_9_o

(WI/L) l | T (W/L)
I01 |02

Figure 1.12: Bulk driven technique

Yo
Gmb = Gm (1.11)
( 2¢0rp + |VBS‘>

In (1.11), ~, is the body effect coefficient, prp is the bulk Fermi potential. The
drawbacks of this technique are it is very much process dependent and also it has
finite input impedance.

Filter based on the triode region transconductor is also found to be used for achiev-
ing low values of g, (Bruschi et al. 2007, Bruschi et al. 2005). The core of the
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transconductor is simple NMOS differential pair shown in Figure 1.13. For the tran-

Figure 1.13: Basic source coupled differential pair

Vdd

I; N I;

Figure 1.14: Current cancellation technique

sistors biased in triode region with same Vpg, the drain currents Ip; and Ips are given
by:

W V3
Ipip = ,unC'omf (Vasiz — Vin)Vps — % (1.12)
from which one can write
Ipi — Ips = BVps(Vip — Vim) (1.13)

The transconductance is thus given by

Gmerf = BVps (1.14)
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w w
where ﬁ = Mncoxf7 T

mobility and C,, is the gate oxide capacitance. Here small value of transconductance

is the aspect ratio of the input transistors, u, is the electron

is obtained by keeping Vpg to a small value. This is achieved through the use of an
additional feedback amplifier resulting in increased circuit area, noise and complexity.

Another technique used to reduce g, is current cancellation (Silva-Martinez and
Salcedo-Sunier 1997, Solis-Bustos et al. 2000). The technique is shown in Figure 1.14

and the transconductance is given by

M—-1
mess =\ 3757 )9m (1.15)

where M is the ratio of transconductance of transistors My to M;. Note that
here a partial positive feedback is used. From (1.15), transconductance achieved can
be very small if the value of M is close to 1. However with M close to unity, the
transcondutor is highly sensitive to mismatches and prone to the risk of gain inversion
in presence of mismatch.

Table 1.1 summaries various g,, reduction techniques found in literature.

1.3 Thesis Contribution

Observing the limitations of existing g,, reduction techniques, it is felt there is a scope
for new techniques for realizing low bandwidth g, — C' filters. Also, designing power
efficient architecture offering a descent dynamic range is the need of the hour. Ac-
cordingly, a novel g, reduction technique has been proposed. The proposed technique
pays the way to realize very low transconductance value with tunability. In addition,
the proposed transconductor architecture makes it possible to realize a fully differen-
tial filter without the need of explicit common-mode feed back (CMFB) circuit, which
otherwise is essential in classical gyrator based filter design approach to maintain the
output common mode DC voltage of every stage preferably to a common reference
value (same as input common mode DC) when realizing higher order filters using
cascade of sections (Pramod and Laxminidhi (2010), Chatterjee et al. (2005)).

Using the proposed transconductor a fourth-order, low pass Butterworth g,,-C'
filter with tunable bandwidth has been designed in 0.18 um CMOS process from UMC
Technologies.

A Source follower has the highest linearity as the source node can swing to the level

13



Table 1.1: Summary of g,, reduction techniques found in literature and their limitations.

Technique Paper Effective g, gm (S) | B.W (Hz) Limitations
Silva-Martinez and Salcedo-Suner 1997 10 Circuit area
Current Division Solis-Bustos et al. (2000) Y 2.4 Current ratio accuracy
Bruschi et al. (2004) 20p 0.225  |Output dynamic range
Arnaud et al. (2006) 69n - Offset voltage
El Mourabit et al. (2005) o - 200 Large capacitor ratio
Multiple Input Floating Gate Veeravalli et al. (2002a) ﬂ Im 5n 5* Input referred noise
1 2
Veeravalli et al. (2002b) 9.2nf - Limited tunability
) Veeravalli et al. (2002b) Im 9.3nf - Large area for R
Source Degeneration T+ o R
Lee and Cheng (2009) T 9gm 1.63 250 Thermal noise of R
Veeravalli et al. (2002b) 10n 0.17¢ S
. : : Yo Finite input impedance
Bulk Driven Cotrim and de Carvalho Ferreira (2012) | | =—a=—==—] gm| 66n -
. 2v2Vpp+Vsp Process dependent
Liu et al. (2012) 2.1n 40
. . Bruschi et al. (2007) 5n 15 Circuit area, noise
Triode Region Imeff =BVps
Bruschi et al. 2005 S 5n - Circuit complexity
) Silva-Martinez and Salcedo-Suner (1997) M1 - - Gain inversion
Current Cancellation Imeff = A 17 .Iv Im
Solis-Bustos et al. (2000) ‘ - 24T |Sensitive to Mismatch

* With impedance scaling for load capacitor

T With current division

¢ With external capacitor of 10 nF
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of input. Choosing source node as the integrating node, filters with high linearity can
be realized. Therefore, filters based on source followers are explored in the next part
of the research. A second-order low pass Butterworth filter based on source follower
is proposed. The main idea is to exploit the strengths of sub-threshold source follower
circuit, like low noise, low output impedance, high linearity and low power. Switching
technique is also adopted to the filter where in the transistor bias currents are switched
to enable the bandwidth tuning. A PTAT current reference circuit is designed to keep
the bandwidth intact across process, voltage and temperature variations. This filter
offers a very high dynamic range up to 91dB and consumes power as low as 25nW

making it one of the energy efficient designs.

The proposed resistor based tuning (R-tuning), used in the first filter adopting
gm reduction, has a limited tuning range. The reason is the following. When the
gm is reduced using R-tuning, the output impedance of the transcondcutor does not
scale. Therefore, beyond a certain point output conductance of the transconductor
dominates over g,, resulting bandwidth saturation. Another impact is the reduction
in the filter DC gain. A scheme to enhance the output resistance of a differential
amplifier is proposed. A negative resistance is used to cancel the output resistance
of the differential amplifier. This inturn is achieved through a transimpedance based
loop. It is proved that the proposed scheme can give a gain enhancement of about two
folds (in dB) compared to the gain of basic differential transconductor, without loss
in linearity. An OTA designed using this scheme is found to offer least sensitivity of
gain boost over output voltage swing across process corners, at nominal voltage and
temperature, when compared to other methods found in literature. First order filter
is designed using the r, enhanced OTA. With the gain enhanced OTA, it is able to
reduce the cut-off frequency further, without the loss of DC gain.

In bio-medical filters, the pass band gain of the filters should be constant, in
order to preserve the useful information embedded in the morphology of the filtered
signal Neshatvar (2010), so Butterworth filters are preferred compared to other filter
topologies. Accordingly, in this thesis, all filters are designed to offer Butterworth
response. The proposed architectures are designed in 0.18 ym standard CMOS process
and targeted for operation on a supply voltage of 1.8 V. The transistors are operated

in weak inversion region to achieve low power consumption.
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1.4 Thesis Organization

In Chapter 1, after a brief introduction about biomedical signals, a detailed discussion
on motivation behind choosing this topic is presented. Also, a detailed review on
various filter techniques used in filtering biomedical signals along with their limitations
is presented.

Chapter 2 presents a novel scheme for realizing low bandwidth filters. The scheme
is validated through a fourth-order, low pass Butterworth transconductor capacitor
(9m-C) filter with tunable bandwidth for biomedical signal processing front-ends. Two
bandwidth tuning schemes have been proposed for the filter.

Chapter 3 presents a second-order low pass Butterworth filter based on a sub-
threshold source follower bi-quads. It also outlines the switching technique adopted
for the filter where in the transistor bias currents are switched, to enable the bandwidth
tuning.

In Chapter 4, a scheme to enhance the output resistance of a differential amplifier
is presented. It explains the scheme in detail where a gyrator based loop is used to
offer a negative resistance to cancel the output resistance of the differential amplifier.
It then presents a first order low-pass filter designed using the enhanced OTA.

The thesis is concluded in Chapter 5 throwing highlights on possible future works.

16



Chapter 2

DESIGN OF LOW FREQUENCY
LOW PASS g,-C FILTER

2.1 Introduction

The main objective of this research is to propose low power low frequency filters
and validate by designing such filters. ¢,,-C' filter topology is chosen for the reasons
outlined in Chapter 1. In bio-medical electronics, filters with tunable bandwidth, that
extracts most bio potential signals are widely preferred to enhance the re-usability of
the filter and for cost minimization. Also, the main focus in design of such filters is
to minimize the power and area of the designed filter circuits. In this chapter a novel
technique for realizing transconductors for low frequency filters has been presented.
The main source of power loss in such filters is the transistor loss. Therefore, to
minimize the amount of power lost in the circuit, the transistors are operated in weak
inversion region by biasing them with low quiescent currents. However, this comes at
a cost in-terms of noise and mismatch.

Using the proposed transconductor architecture two fourth order tunable low-pass
filters have been designed to prove the candidature of the proposed transcondutor.
With a careful design, the effect of mismatch has been kept sufficiently low. These
filters are capable of handling different bio potential signals such as ECG, EEG and
EMG.
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The specifications are chosen to be same for both the filters and are outlined below.

e Filter response type : Butterworth
Filter order (N) : 4
3-dB bandwidth (f,) : Tunable upto 100 Hz

Filter realization : Cascade of biquads

Architecture : g,,-C
Supply voltage (Vpp) : 1.8 V
Technology : 0.18 pm CMOS process from UMC Technologies

2.2 Proposed Transconductor Architecture

A transconductor is voltage controlled current source where the output current is pro-
portional to input voltage (single ended or differential) and the constant of proportion-
ality is called as ’transconductance’. A symbolic representation of a fully differential

transconductor is shown in Figure2.1.

Figure 2.1: Symbol of a fully differential transconductor.

o = 0.5gm (Vip — Vim) (2.1)

In a fully-differential system, typically it is expected that v;, = —vjp,.

The requirement on realizing low frequency filters is that the transconductance
should be kept small enough to keep the bandwidth at a desired value, sub-hundred
hertz.

A novel technique has been proposed for designing a low valued transconductor.
The proposed scheme is presented in Figure2.2. Two simple source-coupled differ-
ential pairs formed using transistors M;, M, and M, M3 form the basic low g,
transconductor. All the transistors are sized equal. The two differential pairs are bi-

ased with different tail currents Isg; and Iggy. The tail currents are chosen such that
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Iy = L0 and I — 450 = Ai. The cross coupled arrangement of the two differential

pairs effectively offers a low transconductance and is explained as follows.

Vag  Vaa

I ss1 (*) I ss2

Vim2

A0 L T
M, M,

I’ |

o o

Figure 2.2: Cross-coupled differential pair.

Let, gm1, gm2 be the transconductances of M; 4 and M; 3 respectively due to the
currents Igg; /2 and Iggo/2 flowing through them. The differential component of small

signal output currents 4; and iy can be written as in (2.2) and (2.3).

i1 = 0.59m1(Vipr — Vim2) + 0.5 gma(Vim1 — Vip2) (2.2)
If vip1 = vip2 = Vip and Vi1 = Vim2 = Vim, for differential operation with v, = —vjn,,

(2.2) can be rewritten as
11 = GmiVip — Im2Vip
= (gml - gm2) /Uip (24)

Defining g eff = gm1 — gme as effective low output transconductance, ¢; and iy can

be written as

i = 9m.eff Vip (25)
i2 = —Y9meff Vip = Gm.eff Vim (26)
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The transistors are operated in weak inversion so has to achieve nano-amperes of
bias current and hence the lower power. For the given drain current g,, of transistor
in weak inversion is higher than in saturation. However, with nano-amperes of drain
current, the transistors is invariably operated in weak inversion. This also helps in

reducing g, eff-

For transistors operated in weak-inversion, the transconductance is given by g,, =

UITDT where Ip is the drain current, 7 is the sub-threshold slope factor and V7 is the

thermal voltage. A detailed discussion on this has been presented in Appendix A-7

With operation in weak-inversion, g,, .f¢ can be written as

Imeff = Gml — Gm2
o [ssl 1552
29V 20V
Ai
= 2.7
Vs (2.7)

It is evident from (2.7) that, gy, s is a function of Ai. Therefore, the transcon-
ductance can be made small and tuned to the bandwidth requirement of the filter by
tuning Ai, the difference between I, and [,». A scheme to generate tail currents

I, and I, with a tunable difference is proposed and presented.

2.2.1 Tunable Tail Current Generation

To achieve low transconductance, the two currents I,,; and I, are to be generated
such a way that they have a very small difference Ai. And for tuning the bandwidth,
Ai should be made adjustable. The circuit proposed here is capable of serving both
the requirements. The proposed circuit is shown in Figure 2.3. It consists of a simple
source-coupled differential pair (M, — M,2) with inputs V,, and V. M,4 5 operate in
near sub-threshold and current density of M5 is maintained equal to M, and M,.,
current density of Mx4 is maintained equal to M.

Drain currents of M,; and M,, are mirrored as tail currents I, and [ respec-

tively with a mirroring ratio ‘,’. Then, the Ai can be defined as,
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where, g, is the transconductance of transistor M,;(and M,s). The potential dif-
ference V,, is generated from voltage drop across a tunable resistor R such that

Vay = IyR. With this setup, the effective transconductance of the main transcon-

ductor can be written as in (2.10)

Al
m,e = 2.9
Gmieff 20Vs (2.9)
kgmmle
= _Jmroe 2.10
P (2.10)
_ kLR (2.11)

Imeff = 4(7]VT)2

The transconductor can be tuned by either tuning the resistance R or I,. However,
R tuning is preferred because of linear relation with g, sy and hence the bandwidth.

The diode connected transistors M,, and M,5 set the common-mode bias for the

differential pair.

1 \\
1] Ik !
Vg M, i T | /
o € ' | e
Ne 3 lle1 5 l'sz N ism L ss2 s
b > < N v
v, i’
e |: M X2:| Tail currents of main
bl % R transconductor
VY

Figure 2.3: Tunable tail current generation circuit.

21



2.3 Filter Realization - Proposed Architecture

Using the proposed transconductor, an architecture for realizing a fully-differential
filter without the need for explicit CMFB circuits is proposed. The architecture is
explained with the help of first order filter.

2.3.1 First Order Filter

A common architecture used for realizing a first order fully differential low-pass g,,-C

filter is shown in the Figure 2.4.

Vipc + = + - Vom

gm,eff

Vim o - + - + Vop

Figure 2.4: First-order fully differential g,,-C' filter.

The first order filter can also be realized using a differential-in single-ended-out
transconductors, in which case one must be using pseudo-differential architecture.
Schematic of such a filter is shown in Figure 2.5

For filters in both Figure 2.4 and Figure 2.5, the transfer function is given in (2.12)

op — Vom 1
Zop — Vom _ (2.12)

- S
Vip — Vim 1+ —
Wo

where, w, = gm’Te” is the filter bandwidth.

Comparing the two filter architectures, the former requires a CMFB circuit to
maintain the output common-mode DC voltage to the desired value, commonly pre-
ferred to be same as that of the input common-mode DC when realizing higher order
filters using cascade of sections. The issues related to the design of good common-
mode feedback (CMFB) circuit presented in Choksi and Carley (2003) are, the unity
gain bandwidth and slew rate of the CMFB circuit must be comparable to that of

transconductor to avoid output distortion. The gain of the CMFB circuit must be
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Figure 2.5: First-order pseudo differential g,,,-C filter using differential-in single-ended-
out transconductors.

large enough to accurately set the common-mode voltage. For good stability, the
CMFB circuit should be compensated for better phase margin and fast settling step
response. The other drawback is a n** order fully differential filter requires n CMFB
circuits, demanding additional area, power and circuit complexity. However, with the
differential input signal, the common-mode range requirement for the differential-pair
of the input stage is quite relaxed.

In contrast, the pseudo differential filter in Figure 2.5 does not require any explicit
CMFB circuit. The feedback ensures that the output common-mode DC is almost
equal to the input common-mode. But, the same feedback demands a large common-
mode range for the differential-pair of the input stage.

We propose a method to realize a fully differential filter using the proposed transcon-
ductor that neither demands for explicit CMFB circuits nor it demands wide common-

mode range.

2.3.2 Proposed Filter Realization Scheme

First, the pseudo-differential version of the first order filter shown in Figure2.5 has
been realized using the proposed low-g,, transconductor cell. The scheme of realization
is shown in Figure 2.6a and is explained as follows.

The g, cell along with a NMOS current mirror load provides a single ended output.
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Two such arrangements (leg-1 and leg-2 in figure) together provide pseudo-differential
output. For leg-1, the transconductor inputs vy and v;n,e are drawn from v,,, and
vop Of the differential output. Whereas v, and v;,,,; are fed with inputs v, and vj,,.

From (2.2), the output currents ¢; and iy can be written as

i1 = 0.5gm1(vip — Vop) + 0.5 gim2(Vim — Vom) (2.13)
is = —i (2.14)

From (2.13) and (2.14), the output current i,, = i; — is can be written as

fop = i1 — i

= gmi (Uip - Uop) + dm2 (Uim - Uom) (215)

For differential operation with v;;, = —v;,, and vy, = —Vom, (2.15) can be rewritten as
/L.Op = (gml - gm?)(”ﬁ’ - UOP)

= gm,eff('Uip - Uop) (216)

The leg-2, provides ¢, and is derived by interchanging v;, with v;,, and v,, with vy,

at the input terminals of g,,-cell. Thus, the output current i,,, can be written as,

Zbom = O9m.eff (vim - Uom) (217)

The transfer function of this filter can be derived as,

. 1 1
Vop = Zop- ol Imoeff(Vip = Vop) - <O
1
Vom = gm,eff(’l)z’m - Uom) . E (218)
_ _ Gmegst1/sC
T T ey 17500
Uop — VUom 1
= 5 (2.19)

Uzp Vim gmfff

The resulting transfer function “2—°" takes the form given in (2.12). Note that,
ip im

because of feedback, the output common-mode is set equal to the input, provided

the DC gain is sufficiently large. However, the proposed arrangement is limited by

24



common-mode range requirement. This is due to the fact that the common-source
nodes (Al and A2 in leg-1; By and B, in leg-2) experience a large signal swing for in-
band frequencies and therefore they are no-longer at small signal ground. For example,
the swing at node A, is influenced by v;, and v,p,, and both v;, and v,, are swinging
almost equal for in-band frequencies. A careful look at the two legs reveal that nodes
Ay and Bj (similarly, node Ay and Bs) experience equal but opposite signal excursions.
Joining these nodes will force the nodes to small-signal ground, thus offering a fully-
differential version of the filter. This modification has been shown by dotted lines in
Figure 2.6a. This is not the case with the simple cross coupled differential pair shown
in Figure2.2. The common-source nodes here is not at small-signal ground (the two
inputs are not differential) and there is going to be a signal dependent common-mode
voltage. Thus, the proposed architecture in Figure2.6 has a better linearity when
compared to Figure2.2. The simplified schematic of the fully differential first order
block is shown in Figure 2.6b.

The transistor sizes for the proposed filter with the biasing circuit, designed in
0.18 um CMOS process from UMC Technologies, are listed in Table 3.1.

Table 2.1: Transistor sizes of the proposed filter and biasing circuit

Transistor N(W/L)
M4, Mrq 2 (0.25/48)
Ms, M2 2(2/48)
le,z2 2 (1/48>
M3 _u5 2(2/48)
My, 27 2(2/48)

Mirroring ratio k =1

Where N is the number of fingers and
W, L are width and length of the transistors in pm.

The gate length (L) of the transistors are kept much higher than the width (W)

for the following two reasons.

1. To maintain sufficiently large output resistance of the filter so as to get a decent
DC gain.
2. To reduce gm of each transistor so that the effective transconductance (g1 —gm2)

is made sufficiently small.
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Figure 2.6: (a). Complete schematic of differential first order g,,-C' filter (b). Simpli-
fied schematic of the fully differential first order block

Usage of large L for all transistors also helps to increase the output resistance of
transistors and thus to achieve accurate current mirroring. In addition, the resulting
large gate area helps in minimizing the effect of mismatches and the dominant flicker
noise (Razavi 2005).

2.3.2.1 Noise Analysis

The noise model of differential first order g,,-C filter is shown in Figure2.7. For noise
analysis, both flicker noise and thermal noise are considered.

The total output noise current i,, ,,, due to noise currents of the transistors M; — Mg
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Figure 2.7: Equivalent noise model of d1fferentia1 first order g,,-C filter used for anal-

ysis.

is given by,

Gopn = —(in1 + in2 + in3 4 ing + ins + ing)
The impedance looking into the output node is given by,

1
(gm4 - gm3) + Jo3 + Goa + Jos

Topeq =
The total output voltage noise is,

V;)p,n = _iop,nrop,eq
= _(an + Z>n2 + inS + Z'714 + in5 + ZnG)
1

X
(gm4 - gm?)) + Go3 + Goa + Gos

The mean-squared noise over 1 Hz is given by

(2gm1 + 2gm2 + gms + gmG)

V2 = 4kT
o ! (gm1 — gma)?
n Krp 292, + 2925 + Gons + 92
CO:EWLf (gml - gm2>2
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2.4 Fourth Order Low Pass Filter

A fourth-order low-pass Butterworth filter has been realized as cascade of second-order
filters. The second order filter is implemented by using an architecture whose single

ended version is shown in Figure 2.8(Chang 1999).

B Vout

- VX Im2 ———o

Figure 2.8: Single ended second order low-pass g,,-C' filter.

This architecture for realizing the second order filter perfectly suits the approach

proposed in the previous section.

Im2
Vour = 27 (Ve = Vou 2.25
! 502 ( t) ( )
‘/93 = % (V;n - V:)ut) (226)

SCl

The transfer function of the filter in Figure 2.8 is given by,
Vou(s) _ ety (2.27)
Vinle) st () o+ it

where ¢,,1, gm2 are the transconductances and C, Cs are the integrating capacitances.
Comparing (2.27) with the transfer function of second order low pass filter prototype
given by (2.28), the pole-frequency w, and the quality factor @) of the filter can be
written respectively as in (2.31) and (2.30)

‘/out(s) o w

(2.28)

2
— p
Vnle) st (%) s e

Im19Gm2
= ) 22Ime 2.2
“p \/ C1Cy (2.29)
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Jm1C2
=\ / 2.30
@ Im2Ch ( )

If the transconductors are assumed to have same transconductance, say g,,, expression

for w, and @ reduces to

9m
— 2.31
“p VO, Cy (2.31)

Q= (%) (2.32)

Schematic of the fully-differential fourth order Butterworth low-pass filter realized

using the proposed transconductor is shown in Figure2.9. The value of () for each
second order section in the filter is taken from the filter table (Van Valkenburg and
Shaumann 2001). For a given g, .rr=2nS and for @ values from the filter table,
the integrating capacitances for each second order section are computed using the
equations (2.31) and (2.32) and is shown in Table 2.2.

Table 2.2: Integrating capacitances for fourth order filter.

Capacitor Value (pF)

0 0501 ) 58.99
Cs 17.27
O 1306 Cs 24.42
Cy 41.72

2.4.1 Simulation Results

The g,, reduction scheme is validated through a fourth order Butterworth low-pass
filter designed in 0.18 um CMOS from UMC technologies. The filter is designed to have
a tuning range from 1 Hz to 100 Hz. All the transistors are designed to operate in sub

threshold region. For the given transconductance of 2nS and bandwidth of 100 Hz,
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Figure 2.9: Fully differential fourth order filter.

the intended capacitances for each second order section are computed. Figure2.10

il I ‘HNH ]]]]]]]]]]]]]

Figure 2.10: Layout of the proposed fourth order fully differential low-pass filter with

biasing circuit.

shows the layout for fully differential fourth order filter shown in Figure 2.9. The total

layout area is 0.91 mm x 0.81 mm. Due to the large size of transistors, the transistor

and layout parasitic need to be accounted for. Therefore, the integrating capacitors

are tuned to account for the parasitic capacitance at all four integrating nodes.

The maximum value of tuning resistor R is taken to be the value giving an effective

transconductance of 2nS for the transconductor. The resistor R is tuned to vary

the bandwidth. The magnitude response of the filter for R tuning is shown in the
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Figure2.11. In Figure 2.12 bandwidth f. as function of resistor R is plotted. It can be
clearly seen that, f. is fairly a linear function of R. An off-chip resistor (potentiometer)

is preferred for R, over on-chip resistor, for the ease of tuning.
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Figure 2.11: Magnitude response of the filter for R tuning.
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Figure 2.12: Tuning graph showing f. for different values of R.

Monte-Carlo simulation has been carried out to check the robustness of the design
against process mismatches. Figure?2.13 shows the distribution of f, for 100 samples
when the R is set for f.=50Hz. The mean is found to be 49.36 Hz and standard
deviation is about 1.9 Hz. The output referred noise of the filter for 50 Hz setting is
plotted in Figure2.14. It is seen noise below 1 Hz is dominated by flicker noise. The
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corner frequency is found to be about 0.8 Hz. The rms input referred noise integrated

over 100mHz - 100 Hz is found to be 109 1V for 50 Hz bandwidth setting.
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Figure 2.13: Monte-carlo simulation of the filter with 100 runs for f.=50 Hz setting.
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Figure 2.14: Output referred noise of the filter.

Simulations are carried out for variations across process corners, supply voltage
and temperature (PVT), for a bandwidth setting of 50 Hz. The magnitude response
of the filter at various process corners is shown in Figure3.15. It is observed that
the change in bandwidth is less than 10 % at nominal supply voltage of 1.8V and at

room temperature (27°C). Figure 3.17 shows the magnitude response for variation in
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temperature from 0°C to 80°C at typical corner and nominal supply voltage. The
change in bandwidth is less than 12 %. For the +10% variation in supply voltage from
the nominal value at room temperature and at typical process corner, the change in
bandwidth observed is less than 1% as shown in the Figure3.16. These deviations

can be tuned back by re-adjusting R appropriately.  The efficiency of the proposed
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Figure 2.15: Magnitude response of the filter across various process corners at room
temperature.
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Figure 2.16: Magnitude response of the filter for change in temperature (0 — 80°C) at
typical corner and nominal supply voltage (Vpp=1.8V).

filter is illustrated by filtering the ECG signal. The noisy ECG signal shown in the
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Figure 2.17: Magnitude response of the filter for 10% change in supply voltage at
typical corner and room temperature.
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Figure 2.18: The post layout filter test for ECG:(i). The time representation of the

original ECG signal (ii). The filtered ECG signal obtained from the proposed low pass
filter (Normalized for DC gain).

Figure 2.18(i) is generated by adding an out-of-band noise (4 mV,p, 500 Hz sinusoidal
signal) to a pre-amplified original ECG signal obtained from Goldberger et al. (2000
(June 13). This noisy ECG signal is provided as an input to the proposed LPF with
100 Hz bandwidth. The output of the LPF is as shown in Figure2.18(ii), and it is
clearly visible that the out of band noise has been effectively filtered.
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2.4.1.1 Limitations of the Filter
The proposed filter architecture suffer from the following limitations.
1. The filter bandwidth is decided by the ratio

W= Im.eff +go

- (2.33)

When the gy, ¢ is reduced using R-tuning, the output impedance of the transcon-
ductor does not scale. Therefore, beyond a certain point the output conductance
go of the transconductor dominates over g,, .y resulting in bandwidth saturation

and also reducing the filter DC gain.

2. At low frequencies, the rms noise voltage increases almost by the factor by
which the bandwidth is reduced. As can be seen in (2.24), tuning of R affects the
effective transconductance g, s directly but the transconductance of individual
transistors of the transconductors change marginally. The effect is that R tuning

is fails to offer a good dynamic range at low bandwidth setting.

A method to mitigate the above mentioned limitations is to switch the output
current of transconductor, flowing to the integrating capacitor, with a duty ratio D.
This not only scales g, crs by D but also g,. The result is that the bandwidth changes
with D without any bandwidth saturation and also the DC gain is maintained intact.
With respect to the noise, the noise current from the transconductors flowing into
capacitors is also scaled by D and therefore, the noise power remains constant with

bandwidth scaling.

2.5 Switched Transconductor Filter

The switched transconductor based filter design approach is explained with the help
of a first order g,,-C filter. In this approach the output current of the transconduc-
tor is switched with a specific D at a frequency sufficiently higher than the desired
bandwidth. The effect is that the average current flowing into capacitor becomes a
function of D, and hence reducing the effective g,, (Rodriguez-Villegas et al. 2011).
The basic principle of operation is shown in the Figure2.19. Here a switch is
employed to connect and disconnect the transconductor output from the load capacitor

and feedback loop. The transconductor output current I; flowing into the capacitor
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Figure 2.19: A switched g,,-C filter.

is dependent on the state of the switch. When switch S; is ON, the current I; flows
into the capacitor. When switch S is OFF, the current flowing into the capacitor
is zero. The use of switch S; reduces the average output current I, that flows into
the capacitor. If D is the duty ratio with which the switch Sy is operated, then
the average output current I, given by (2.34). The effective transconductance of the

switched transconductor denoted as Gy, .fs can be written as in (2.35).

Io? = DIol (234)
Gm,eff = ng,eff (235)

The transfer function for the switched transconductor filter shown in Figure2.19

can be derived as follows. The output current can be expressed as,

m,e Vjis_me ‘/;5 O0<t<T
I, dImers (8) = GmessVo(s) (2:36)

0 T<t<T

If the signal is periodic with period T},
Io(s,t) = Io(s,t +Ty) (2.37)

The output voltage is expressed as,

V(s 0) = (s 1) (2.38)
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If the output signal is considered periodic with period T,
Vo(s,t) = V,(s,t +Ty) (2.39)

Periodic signal can be represented as fourier series,

Vo(jw, t) = Y Vor(jw) e/t (2.40)

k=—o00

Where V, 1 (jw) is given by,

I :
Vorl(jw) = = / V,(juo, £) M (2.41)
s JO
For k=0,
1 [
Vool(s =jw) = 77/ Vo(jw, t) dt (2.42)
s JO
1 T 1 Ts
E— m.,e, ‘/z . — Ym.e V;) ‘ _dt 0
7 | s Vilie) = gmess i) o e+ [ oa
. o Gmeff gy ) Z
Vo(jw) = o [Vi(jw) = Vo(jw)] 7 (2.43)

Thus, the transfer function can be written as,

- Vo(jw) 1

H(jw) = Vijw) . JoC T, (2.44)
Gmeps T
Defining, duty ratio D = Tls, The transfer function is given by,
1
H(s) = — (2.45)
1+
Dgperr

Actually, the diagram shown in Figure2.19 doesn’t satisfy the Kirchoff’s current
law when switch S; is OFF. There is no path for the current I; to flow. This sat-
urates the output of the transconductor near supply rails. To solve this, a dummy

transconductor is required to create a path for the main transconductor when S; is

off.
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The second order filter architecture proposed in section 2.4 can be easily modified
into a switched transconductor filter. Figure 2.20 shows the schematic of the proposed
filter. Here, a switch is included between the output of the filter and capacitor. The
phase ¢ of the clock, decides the duty ratio (D) of the switch and in this phase the
integrating capacitors integrate the currents from the transconductors. During the
phase ¢, the transconductor currents are removed from capacitors and bypassed to
transconductors dedicated for this purpose. This arrangement prevents the transcon-

ductor output from saturating. A fourth order filter is realized by cascading two

sections.
0 I 0 T,
V\p —1Vim2 V. C1 —1 Vimz2 i TC
o———Vip1 Vipt
ov‘miV:m Vom Vi:n Vom
— Vip2 —1Vip2 —o L
o TC ® >
[
Figure 2.20: Fully differential switched second order filter.
2.5.1 Simulation Results

The proposed switched transconductor filter is validated through a fourth order But-
terworth low-pass filter designed in 0.18 yum CMOS technology from UMC Technolo-
gies. The filter is designed to have a tuning range from 30 mHz to 100 Hz with the
tuning resistor R set at value such that with D=100%, the bandwidth of the filter is
100 Hz. Figure2.21 shows the layout of the filter. The total layout area is 1.34 mm x
0.93 mm. Figure 2.22 shows the magnitude response when D is varied from 0.01% to
100%. It is to be noted that, the clock frequency is adjusted accordingly to keep clock
feed-through, if any, out of the stop-band frequency (corresponding to attenuation of
120dB). The cutoff frequency is found to be adjustable from 30 mHz to 100 Hz. Tun-
ing graph showing f. as function of D is shown in Figure 2.23 proves that the tuning

scheme is quite linear.
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The output referred noise of the switched-g,,-C' filter with D=50% (50 Hz band-
width) is shown in the Figure 2.24. The rms value of the voltage noise integrated over
the the band 100 mHz - 100 Hz is found to be 132.6 V.

1 l L
Al ‘ Ayl
THTHT

Figure 2.21: Layout of the proposed fully differential switched fourth order low-pass
filter.
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Figure 2.22: Magnitude response of the filter for duty ratio tuning.The tuning range
is from 100 Hz to 30 mHz. The settings used for these results are in the format [clock
frequency, duty cycle, cutoff frequency|: [10kHz, 100%, 100 Hz], [5kHz, 50%, 50 Hz],
[1kHz, 10%, 11Hz], [1kHz, 5%, 6Hz|, [ 100 Hz, 1%, 1.1Hz], [100 Hz, 0.5%, 0.6 Hz],
[100 Hz, 0.1%, 0.2 Hz], [10 Hz, 0.05%, 70 mHz] and [10 Hz, 0.01%, 30 mHz].
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Figure 2.23: Tuning graph showing the filter cut-off frequency for different duty cycle.
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Figure 2.24: Output referred noise of the switched-g,,-C filter.

Simulations are carried out on the filter for variations across PVT, for a bandwidth
setting of 50 Hz. The magnitude response of the filter at different process corners is
shown in Figure 2.25. It is observed that the change in bandwidth is less than 10 % at
nominal supply voltage of 1.8 V and room temperature (27°C). Figure 2.26 shows the
magnitude response for variations in temperature from 0°C to 80°C at typical corner
and nominal supply voltage. The change in bandwidth is less than 12%. For the
+10% variation in supply voltage from the nominal value at room temperature and

at typical process corner, the change in bandwidth observed is less than 1% as shown
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in the Figure 2.27. These deviations can be tuned back by re-adjusting the duty ratio
D appropriately.
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Figure 2.25: Magnitude response of the switched-g,,-C' filter across various process
corners at room temperature.

Gain (dB)

-80 -

-100 ~

-120 S
107! 109

Frequency (Hz)

Figure 2.26: Magnitude response of the switched-g,,-C filter for change in tempera-
ture (0 — 80°C) at typical corner and nominal supply voltage (Vpp=1.8V).

The summary of performance of two filters, Filter-1 (with only R-tuning) and
Filter-2 (with fixed-R and tuned D), is shown in Table 2.3.
For biomedical signal processing, being the main application of the proposed filters,

flicker noise is one of the important parameter of concern. Flicker noise of a transistor
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Figure 2.27: Magnitude response of the switched-g,,-C filter for 10% change in supply
voltage at typical corner and room temperature.

Table 2.3: Summary of the filter performance at 1.8 V Supply.

PARAMETERS Filter-1 Filter-2
(Post-layout)  (Post-layout)

Current consumption (uA) 0.32 0.64
Power (W) 0.57 1.14

DC Gain (dB) 0 0

Filter Order 4 4
Bandwidth (Hz) 1Hz-100Hz 30mHz-100 Hz
Linearity @1 % THD 196 180
(Vinpk—pk (mV) @ 10 Hz)

IRN (uVims) 109 132.6
(10mHz-100 Hz)

Dynamic range (dB) 56.06 53.62

is inversely proportional to its W-L product (gate area) (Veeravalli et al. 2002a,Lee
and Cheng 2009). It is to be noted that, the gate area of the transistors in the proposed

filter have been kept sufficiently large for the reasons outlined in Section 2.3.1, which
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in turn helps in keeping the flicker noise to a sufficiently low value.
The requirement on inband input referred noise of the filter for a given input
voltage and SNR is given by (Lee and Cheng 2009)

. V;n,rms
NOZSG,;n,Tef('f'mS) S W (246)

In Lee and Cheng (2009), it is also stated that for filtering biomedical signals like ECG,
the SNR requirement of the filter depends on maximum and minimum ECG levels and
has been shown that the SNR requirement on the filter is > 38 dB. Similarly, for EEG
the requirement on SNR is 40 dB (Bronzino 2006). The proposed filters offer Dynamic
Range in excess of 50 dB. This clearly shows that the noise contributed by proposed
filters is well within the range to cause any significant performance degradation.
Note that Filter-1 and Filter-2 can process input voltage upto 196mV,, and
180 mV,,, respectively. For SNR > 40 dB, the input referred noise of these filters must
be less than 692.96 11V,,s and 664.68 1V ,.,,,s respectively as per equation (2.46). There-
fore, the proposed filters offering input referred noise of 109 V,.,s and 132.6 Vs
(respectively) can definitely be good candidates for processing biomedical signals.
Table 2.4 compares the simulation results of proposed filters to other low-frequency
filters reported in the literature. For conciseness, only low frequency filters with order
four and above are included in this table. Both proposed filters exhibit comparable
linearity, dynamic range and Figure-of-Merit (FoM), when compared to most recent

papers in the literature.
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Table 2.4: Comparison of the circuit performance with related works.

This Work

Parameters Lo and Hung (2007) Lee and Cheng (2009) Liu et al. (2012) Mahmoud et al. (2013) Arya and Oliveira (2016) Sun and Lee (2018) Filier1 Filter-2
Vpp (V) 1.8 1.5 3 +0.8 0.9 1 1.8 1.8
Technology (pm) 0.18 0.18 0.35 0.25 0.13 0.18 018 018
Power (W) 200 0.453 0.75 30 2.8 0.35 0.57 1.14
DC Gain (dB) 6 95 6 5 5.9 8 0 0
Filter Order 5 5 4 5 4 5 4 4
Bandwidth (Hz) 250 250 40 243 52 50 50 50
THD (dB) -44 -48.6 -59 -40 -40 -49.9 -40 -40
Dynamic range (dB) 52 50 54 65 43.22 49.8 56.06  53.62
IRN (Virms) 266 340 500 36 244 97 109 132.6
FoM .:XHQ\.OV 100 0.286 0.374 3.3 4.83 0.226 0.224  0.594
Power

" FoM (Liu et al. (2012)) = Order x Dynamic range
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Chapter 3

DESIGN OF LOW FREQUENCY
SUB-THRESHOLD SOURCE
FOLLOWER LOW PASS FILTER

3.1 Introduction

In wearable and implantable bio-medical devices, the major design concerns are mini-
mizing the power consumption and noise contribution by active devices. One possible
solution is to design the circuits with fewer number of active devices. In low frequency
filter topologies, the recent trend is to use single branch filters. Source follower’s are
widely used to implement the single branch filters (Zhang et al. 2013, Sawigun and
Pawarangkoon 2015, Sawigun and Thanapitak 2018a,b). The single branch filters
need single branch of bias current for operation, hence they are more power-efficient
when compared to the transconductor-capacitor filters. Also, these circuits offer low
noise, low circuit area and low circuit complexity due to fewer number of transistors.
Source follower based filters offer good linearity due to local feedback.

In this chapter, an ultra low power filter based on source follower architecture is
proposed for biomedical applications. The filter cut-off frequency is made tunable by
switching technique.

A basic source follower circuit is shown in Figure 3.1. It consists of two transistors
My and M, where M, acts a input transistor and Ms as current source for biasing
M. With a capacitor C' at the output, this circuit can be viewed as a first order filter,

the transfer function of which is given by (3.1).
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Figure 3.1: Basic source follower, with an output capacitor

GmTo,eq

1) Creea # Com+ il 71 e
where g,, and g,,;, are the gate transconductance and back-gate transconductance of

the transistor M respectively, r,qq (= 701||702) is the equivalent output resistance.
The source follower circuit can be easily extended to build a biquadratic cell to
offer a second order low pass response. When designing for biomedical application the
filter bandwidth is expected to be small, less than 100 Hz. The large time constant
required for achieving low bandwidth with the use of on-chip capacitances, transistors

are usually operated in the sub-threshold region.

3.2 Sub-threshold Source Follower (SSF) Based Bi-
quadratic Cell

The source follower shown in Figure 3.1 is extended to realize a bi-quadratic cell as
shown in Figure3.2a. The circuit elements include four transistors (M; — M,), four
current sources (of value [,,2I},) and two floating capacitors (C1/2,Cy/2). Here, a
positive feedback generated by transistors (Ms, Mj3) is utilized to generate a pair of
complex conjugate poles required for the second order response. Source follower based
biquad’s are reported in D’Amico et al. (2006). However, the architecture shown in
Figure 3.2a has not been found to be explored further for low power, low frequency
filter applications.

Source follower based biquad’s exhibit the following advantages: Additional com-

mon mode feedback circuit is not required as the output common mode voltage is
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self-biased by the transistor’s Vg, saving area and power. The circuit is free from the
effects of parasitics as there are only two pairs of nodes are present, each pair form-
ing an integrating node. Further, there are no instability issues because of positive
feedback as the loop gain is inherently less than one. Also, it exhibits a low output
impedance to drive the later stages and offers excellent linearity, as the signal is pro-

cessed in terms of voltage by local feedback. The equivalent half circuit of Figure 3.2a

VDD
Ou,, O
Vo Ve
Vip Vim
e C
M, M, M; M,
|l
[l
99211, G2 gDzlb
=
(a)
VDD
; 1)1
\%

[

Figure 3.2: (a). Source follower biquad (b).It’s equivalent half-circuit.

is shown in Figure3.2b. It’s small signal equivalent circuit is shown in Figure 3.3.

The complete transfer function of the biquad is derived below. Applying Kirchhoft’s
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Figure 3.3: Small signal equivalent.

current law (KCL) at node V,, one can write

gml‘/; - (gml + Gmb1 + Gds1 + 9ds3 + SCQ)Vx
+gm2<‘/o + V;E) + gmeV; + gdsZ(‘/o - VVI) = 0 (32)

Similarly applying KCL at node V,,, one can write,

_(ng + Gmi2 + 9ds2 + Gdsa + SCQ)‘/O - ‘/x(gm2 - gdsQ) =0 (33>
Substituting for V, in (3.2) from (3.3), the transfer function can be written as,

‘/o gm1 (gm2 _ gds2)

Vi (Gmn1 — Gm2 + Gast + Gds2 + Gas2n, + 5C2)(Gmp2 + Gas2 + gas,1, + sCh)
+(gmp2 + gd32>(9m2 - gdsQ) (34)

where gmn1 = Gm1 + Gmpr a0d Gmp2 = Gm2 + gmpe. The transfer function in (3.4)

represent a second order low pass filter.

If channel-length modulation is neglected, (3.4) can be simplified to a form given
in (3.5)

V,
— 3.5
v, (3.5)



where, A,, w, and @) are given by (3.6), (3.7) and (3.8) respectively.

A = ! (3.6)

<1+ gmbl) (1+ gme)
gmi1 gm2
Im19m2
=4/ 3.7
wp 0102 ( )
0= Gmn1Gmp2 12 (3.8)
CQQme + Cl (gmnl - ng) Im19m2

A, is the DC gain (passband gain) of the filter, w, is the pole frequency and @ is the

quality factor. It can be seen that the DC gain A, depends on the raio of g,,,/gm of
transistors M; and Ms. This ratio is typically in between 0.2 — 0.5 and therefore, one
cannot expect unity passband from this filter. The passband gain achievable is in the
range —3.2dB to —7.2dB.

3.3 Switched SSF Biquad Based Second Order Low
Pass Filter

To enhance the re-usability of the filter and to extract wide frequency bio-potential
signals, the filter cut-off should be tunable. The filter cut-off is made tunable by
adopting a switching strategy, like the one adopted in chapter 2. However, the archi-
tecture being entirely different from that in chapter2, a different has been adopted
for switching. The filter is switched by switching the bias current of the transistors
with a required duty-ratio (D).

The effect is that the transconductance of g1 and gp,,e of transistors M; and Mo
scale with D (Note g,, is directly proportional to the drain current Ip in sub-threshold
region of operation). Since, the capacitors remain constant, the pole frequency and
hence the bandwidth scales proportionally with D. It is to be noted that the @) of the
filter is not affected by D, as evident from (3.8).

The schematic of the proposed switched second order LPF based on the source
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follower biquad cell is shown in Figure3.4. A reference current I,.; is mirrored using
transistors M5 and M. The current flowing out of M3 is switched using the switch

S1, generating a pulsed current I,,;sc which is mirrored to SSF biquad cell.

Vbp
3 S I R R
1 | [ |
Vop M5 Il M6 Vom Mll
o | o
| | CVip | C,\/2 Vim
| | |
M, Mj; M, M, M; M,
leulse I
ORZ 2
:|I [ 1 IE
| [T ol |
M, M; M, M,

Figure 3.4: Schematic of switched second order LPF

In weak-inversion region, the transconductance of transistor is g,, = Ip/nVy. The
thermal voltage Vr is proportional to the absolute temperature (PTAT) and therefore,
gm (and the cut-off frequency) decreases with the temperature. g, and hence the
bandwidth can be made compensated for temperature, if the drain current I is made

PTAT. This calls for a PTAT current reference generation circuit.

3.3.1 Switched PTAT Current Reference

In this section, a circuit for generating and switching bias current is presented.

3.3.1.1 Classical Beta Multiplier Current Reference Circuit

A classical beta multiplier current reference circuit is shown in Figure 3.5 (Vittoz and
Fellrath 1977). The circuit consists of four transistors M;-M, and one resistor R. The
sizes of transistors M, M3 and M, are identical and M, is p times larger. p is the
mirroring ratio (usually in the range 2 — 4). The transistors M; and M, keeps the

current equal, on both the sides.
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Figure 3.5: Classical beta multiplier current reference.

By applying KVL, we can write
Ves1 = Vas2 + Ley R (3.9)

The reference current I,.; is expressed as

Vast — Vase

Ley = 3.10
f 7 (3.10)
Assuming all transistors are operating in sub threshold region,
Ipio
Vasie =nVrin (| ——=— | + Vrmi2 (3.11)
Ipo- K1

where K = W/L is the aspect ratio of transistor, Ip, = puCo(n — 1)V is the pre-
exponential factor of sub-threshold current, y is the carrier mobility, C,, is the gate-
oxide capacitance and Vppg is the threshold voltage. The expression for I,.; can be

expressed as

nVrin(p) _ nkTin(p)
R qR

where p = Ky /K, = (W/L)2/(W/L); is the ratio of transistor sizes, k is the Boltzmann

constant, 7" is the absolute temperature and ¢ is the electron charge.

Ly = (3.12)
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3.3.1.2 Modified Current Reference Circuit with Switching

The classical beta multiplier circuit has been modified suitably with cascode transis-
tors and associated switching circuitry to generate a switched PTAT current reference

required for the purpose. The complete current reference circuit is shown in Figure 3.6.

The sub-threshold current Ip through a PMOS transistor is given by,

Vsa — |VTH|> ( (—VSD))
Ip=KlIp,exp| —————— 1—ex 3.13
o= Kipyeap (20 p (S (3.13)

For Vsp>4Vrp, (3.13) reduces to

Vsa — |VTH|>
Ip=Klip,exp| ————— 3.14
b= Kipyeap (V0] .11
The reference current I,.; in Figure 3.6 is expressed as
Vsar — V-
Ly = w (315)

Substituting for Vsgr and Vsgg from (3.14) and by considering same drain currents,
I,cr is given by
L — nVrln(p) _ nkTin(p)
R qR
where p = Ky/K7; = (W/L)s/(W/L)7 is the ratio of transistor sizes. With a thermally
stable external resistor, the I,.; is found to be PTAT. In this work, R = 10 MQ is

chosen to generate a nano-ampere current reference (1. = 1.47nA). From (3.16), it

(3.16)

is also evident that the reference current varies proportional to the absolute temper-
ature (PTAT) and it is clearly shown in the Figure 3.7.

For the current reference circuit designed in this work, I, is plotted as a function
of Vpp at room temperature in Figure 3.8. A line sensitivity of 0.9%/V is observed in
a supply range of 0.8 to 1.8 V, proving that the reference current is almost independent
of supply voltage. The generated current reference is mirrored and switched using the
transistors Mg — M4 as shown in Figure 3.6. Here, the duty ratio of V. is varied to
switch the bias currents of the transconductors. A complete schematic of the proposed
switched SSF biquad based second order LPF is as shown in Figure3.9. Regulated
cascode current mirror has been used for accurate mirroring of the switched current.

The transistor sizes for the proposed filter are listed in Table 3.1.
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Figure 3.6: Current reference generator circuit with switching.
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Figure 3.7: I,.; as a function of temperature.

3.3.2 Noise Analysis

The noise model of SSF biquad is shown in Figure 3.10. In transistors, the major noise

sources are flicker noise and thermal noise. For noise analysis, both flicker noise and
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Figure 3.8: I,.; as a function of Vpp at room temperature.

Table 3.1: Transistor sizes of the proposed filter

Transistor W (pm)/L(pm)
Mi_41314 2(2/1)
M 7 2(6/1)
Me g 2(9/1)
Mo 1 2(1/0.5)
My 4(12/18)
Mg 6 (16/10)
M 6 (16/18)
Mis_20 2(1/10)
M1 22,2425 4(12/18)
Mo 4(6/18)
Mog_3 6(16/12)

thermal noise are considered.

The noise currents 1,14, and Iz, are due to thermal noise. Noise voltages Vi, ¢

and V2 r are due to flicker noise. V,, ., is the output noise voltage. The total output
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Figure 3.9: Complete schematic of the switched SSF biquad based second order low

pass filter.
1 b Vn,out
o
M1 2 _I_ C |
|: Inl Lth :|:
In2 th —
Vaig B

@Zlb =G, Vs

Figure 3.10: Equivalent noise model of SSF biquad for analysis.

thermal noise is,

Vn%out,th = V21,out,th + V n2,out,th (317)

n

where V2 Lot th and V2 outth AT€ the output thermal noise voltages due to noise

currents I,; 4, and I,z 4, respectively. The output thermal noise voltage ve oo Lot th is
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expressed as follows,

v o 9m2 Inl,th Im1
nl,out,th — : .
9m2 + Imb2 9mi1 9Im1 + 9mb1
v L%Lm ) ( 9m2 )2 (3 18)
nl,out,th (gml + gmb1>2 9m2 + Imb2

For simplicity, we have neglected the channel length modulation. The output thermal

. 2
noise voltage V.5, ;i1 18,

Vv _ Im2 In?,th
n2,out,th — :
9m2 + Gmb2 Im2
- I?
V2 et (3.19)

n2,out,th ~— (ng + gmb2)2

By substituting (3.18) and (3.19) in (3.22), the total output thermal noise is given
by

121 th Im2 2 [22th
V2 itin = 7 < - ) + = (3.20)
oubth (gmn1)2 Gmp2 (gmp2)2

Thus, the total input referred thermal noise voltage, for the filter DC gain A,
defined in (3.6) can be written as
_ AkTy

92
= [1 e ] (3.21)
Imi1 Gm19m2

V2

n,in

Similarly, the total output flicker noise can be written as,

Vzout,f = Vn21,out,f + Vn22,out7f (322)

nﬂ

The flicker noise voltage due to transistor M; is

Im19m2
an,ou N an, |:—:| (323)
b d gmnlgme
and flicker noise voltage due to Ms is given by
Vn?,out,f - VnQ,f |:gm2 :| <324)
GImp2
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The total output flicker noise voltage is given by

5 2
12 _ KF |: Im19m2 :| Kf |: Gm2 :| (3 25)
n,out, f (WL)lcoxf Jmn19mp2 (WL)QCozf Gmp2
Thus, the total input referred flicker noise voltage is:
Ky 1 9n
T _ { ] 4 G 3.26
nyin,f C,, f (WL)l (WL)Q : g?nl ( )

The overall input-referred-noise (IRN) of the biquad due to both thermal and flicker

noise is given by

—— 4kT 2
9Im1 Im19Gm2 , (328)
n Kr [ 1 I Imn1
Coa: : f (WL>1 (WL)2 ' 972)11

The input-referred-noise (IRN) of the biquad integrated over the passband is given
by

——  4kT 2
9mi Im19m2 ) (330)
Caw : f (WL>1 (WL)Q ' g72n1

where, 7 is the noise co-efficient, K is the flicker noise coefficient, f is the frequency.
Flicker noise, being inversely proportional to the transistor gate area, can be reduced
by choosing a large sized transistors so as to make the thermal noise the dominant

contributor. The thermal noise integrated over the passband is given by

e VCICo N gm1

Assuming all transistors have same gate transconductanes and by neglecting body-

. 2
s—  AKTYy  [gme {1+ Imn1 ] (3.31)

Im19Gm2
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effect, the thermal noise is equal to

n,in m

From (3.32), it is evident that thermal noise reduces with higher load capacitors.

(3.32)

In the proposed filter, with the value of capacitors used, the noise offered is made

sufficiently low.

3.4 Simulation Results

A second order Butterworth LPF is designed using the proposed switched SSF biquad
in UMC 0.18 um CMOS technology. The filter is designed to operate in the weak
inversion region with a supply voltage of 1.8 V. The complete layout of the filter is
shown in Figure3.11. The layout area is 0.121 mm?. Post layout simulations are
carried out to evaluate the filter performance. The summary of the filter performance

is shown in Table 3.2.

Figure 3.11: Complete layout of the switched SSF biquad filter (Area=0.121 mm?).

The magnitude response of the filter for various duty ratio (D) settings of the

current pulse is shown in Figure 3.12. The filter cut-off frequency f. is tunable from
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Table 3.2: Summary of the filter performance at 1.8 V supply.

PARAMETERS Values

Current consumption (nA) 14.42

Power (nW) 25.95
DC gain (dB) -3.25
Filter order 2
Bandwidth (Hz) 4-100
Linearity @1 % THD 996
(Vm,pk,pk (mV) @ 10 HZ)
IRN (1Vs) 8.985
(100 mHz-100 Hz)
Dynamic range (dB) 91.86
O oot
-20 bt | ]
a 40 +fc= 9.8Hz | “\\\\ k ee° i
= o f =20.1Hz
g ¢ ! N X
S 07 ef=50Hz - I
g0 | o f=T0.1Hz |
—fc= 100Hz
_100 L Lol L Lol L Lol L Lo L TR |
10! 10 ° 10! 10 * 10° 10*

Frequency (Hz)

Figure 3.12: Magnitude response of the filter with duty ratio tuning. The tuning
range is from 4 Hz to 100 Hz. The following settings are used for the results and in the
format [clock frequency, duty cycle, cut-off frequency]: [ 1kHz, 1%, 4 Hz|, [ 10kHz,
10%, 9.8 Hz], [ 10 kHz, 20%, 20.1 Hz|, [ 20kHz, 50%, 50 Hz|, [ 20kHz, 70%, 70.1 Hz|, [
20kHz, 100%, 100 Hz] .
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Figure 3.13: Tuning graph showing f. for different values of duty ratio.
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Figure 3.14: Monte-carlo simulation of the filter with 200 runs for f. = 100 Hz setting.

4Hz — 100Hz for 1% to 100% duty ratio of the current pulse. Note that, the clock
frequency is modified suitably to keep clock feed-through out of stop-band frequency
(corresponding to attenuation of 100 dB). The integrating capacitors for the filter are
C1/2 = 15.25pF and Cy/2 = 30.50 pF including parasitics, for the transconductance
of 27.231S (¢m =~ gm1 =~ gmz) to achieve bandwidth of 100 Hz with 100% duty ratio.
Figure 3.13 shows the cut-off frequency of the filter as a function of duty ratio. It

is evident that the cut-off frequency varies linearly with duty ratio except towards
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Figure 3.15: Magnitude response of the filter across process corner variations.
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Figure 3.16: Magnitude response of the filter for variations in supply voltage.

4 Hz. Clock feedthrough charge on capacitor starts dominating over that from the
switched transconductor (due to low on-time) and capacitor charge/discharge due to
junction leakage (due to large off time). Monte-Carlo simulation has been carried out
on the layout extracted filter to evaluate the performance in presence of transistor
mismatches. The filter is set for 100 Hz bandwidth with D=100%. Figure 3.14 shows
the distribution of filter cut-off frequency for 200 samples. A mean of 100.1 Hz and
standard deviation (o) of 4.62 Hz is obtained.
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Figure 3.17: Magnitude response of the filter for change in temperature.

Post layout simulations are carried out across PVT variations, for a setting of
fe=100Hz. Figure3.15 shows the frequency response of the filter at various process
corners. The change in cut-off frequencyf. is less than 1% at nominal supply voltage
of 1.8 V and at room temperature (27°C). The magnitude response for +10% vari-
ation in supply voltage from the nominal value at typical process corner and room
temperature is as shown in Figure 3.16. The change in bandwidth is less than 5%. For
a temperature in the range 0°C to 80°C at nominal supply voltage and typical corner,

the bandwidth variation is less than 5% as shown in Figure3.17.

120
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£
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Figure 3.18: Cut-off frequency (f.) vs temperature (T').
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It is to be noted that, the robustness of bandwidth against temperature is due to
the PTAT current reference circuit. To ascertain this, the cut-off frequency of the filter
is plotted against the temperature for PTAT current (generated from the reference
circuit) and a constant current in Figure3.18. It can be clearly seen that the filter
exhibits a poor bandwidth performance with temperature when a constant current
reference is used.

The output referred noise of the filter with D=100% (100 Hz bandwidth) is shown
in the Figure 3.19. The rms value of the voltage noise integrated over the band 100 mHz
- 100 Hz is found to be 9.98 uV.

W

o (uVIV Hz) -

W

Equivalent Output Noise

10! 102 10
Frequency (Hz)

—
OO
—_
=
=}

Figure 3.19: Output-referred noise of the filter.

The overall noise contributed by the filter is well within the permissible range.
For biomedical applications, the acceptable in-band input referred noise of the filter
is given by (2.46) With the dynamic range offered in excess of 90 dB, the overall
noise contributed by proposed filter is well within the acceptable range to cause any
notable performance degradation. The proposed filter can process input voltage upto
996 mV,,. As per (2.46), for SNR > 40 dB the in-band input referred noise of the filter
must be less than 3.52 V,.,.s. Therefore, the proposed filter offering input referred
noise of 8.985 1V, is indeed the best candidate for filtering bio-signals.

The linearity performance of the filter is evaluated by single tone test, for an
input voltage of 996 mV,, at 10 Hz. Figure 3.20 shows output voltage spectrum of the

filter. Even order harmonics are canceled out due to fully differential architecture of
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the filter. Third harmonic component is the dominant contributor and third harmonic
distortion (HD3) is found to be -40.05 dB. HD3 is associated with a 1% THD as higher

order harmonics are negligible.
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Figure 3.20: Harmonic distortion of the filter with V;,= 996mV,,@10Hz.
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Figure 3.21: The post layout filter test for ECG:(i). The time representation of the
original ECG signal (ii). The filtered ECG signal obtained from the proposed low pass
filter.

The efficiency of the proposed filter is illustrated by filtering the ECG signal.
The noisy ECG signal shown in the Figure3.21(i) is generated by adding an out-of-
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Figure 3.22: FoM vs Power/Pole.

band noise (4 mVpp, 500 Hz sinusoidal signal) to a pre-amplified original ECG signal
obtained from Goldberger et al. (2000 (June 13). This noisy ECG signal is provided
as an input to the proposed LPF with 100 Hz bandwidth. The output of the LPF is
as shown in Figure 3.21(ii), and it is clearly visible that the out of band noise has been
effectively filtered.

Table 3.3 compares the filter performance with the state-of-the-art filters. To val-
idate the results, the switching duty-ratio is set to 100% with I, = 1.47 nA (f, = 100
Hz setting). The proposed filter being offering dynamic range (DR) as high as 91.6

dB is found to be the best when compared to other filters in the literature.

Foll Power

(3.33)

~ Order x Dynamic range

Also, it exhibits a better Figure-of-Merit (FoM ) defined by Liu et al. (2012). Lower
FoM indicates better filter performance. Figure 3.22 shows FoM plot against Power

per Pole. The designed filter is best among the similar works found in the literature.
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Table 3.3: Comparison of the filter performance with prior works found in the literature.

Parameters Vpp (V)| Technology (pm)|Power (4W)|DC Gain (dB) |Filter Order | Bandwidth (Hz) | THD (dB) |IRN (uVims)| DR (dB) FoM
Doménech-Asensi et al. (2014) 3 0.35 6.31 - 2 1.95 -40 791 50.65 | 9.25x1079
Sawigun and Pawarangkoon (2015) 1.5 0.35 0.0019 0 2 250 -40 89 59.6 9.94x10~13
Arya and Oliveira (2016) 0.9 0.13 0.8 4.1 2 47.98 -40 17.38 43.8 2.58x1077
Pérez-Bailén et al. (2018a) 18 0.18 27 0 1 5 -40 12.8 >80 | 2.70x10710
Thanapitak and Sawigun (2018) 0.9 0.35 0.00426 -0.05 4 100 -40 80.5 482 | 4.143x10712
Sun and Lee (2018) 1 0.18 0.35 -8 5 50 -49.9 97 498 | 2.26x10710
Surachoke and Sawigun (2018) 15 0.35 0.0052 0.06 4 99 -40 439 50.7 | 1.345%10712
Pérez-Bailon et al. (2018b) 1 0.18 1.75 0 1 1 -40 11.3 >70 | 5.533x10710
Deo et al. (2018) 1.8 0.18 0.689 2181 3f 200 - 81.79 - -
Sawigun and Thanapitak (2018a) 0.6 0.35 0.009 -2.77 4 101 -41 46.27 47 1.005%x10~ 1
Lee et al. (2018) 1 0.18 0.041 -7 5 250 - 134 612 | 7.141x10712
Sawigun and Thanapitak (2018b) 1.5 0.35 0.00525 -0.09 4 100 -40 39.38 569 | 1.875%x10712
This work 1.8 0.18 0.0259 -3.25 2 100 -40 9.985 91.86 |3.3057x10713

T With pre-amplifier
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Chapter 4

OUTPUT RESISTANCE
ENHANCEMENT SCHEME FOR
A DIFFERENTIAL AMPLIFIER

4.1 Introduction

Consider a first order filter, shown in figure 4.1. With transconductors having finite
output impedance r,, the transfer function of the filter takes the form (4.1) and

cut-off frequency of the filter is decided by the ratio % (where g, = 1/r, and

~ e

I/I /1 CL éroz(r(ﬂ”r(ﬂ)

9m1 = Gm2 = gm)

Figure 4.1: g, — C filter with transconductor having finite output impedance.

Im

m + o
= b (4.1)
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One can expect the cut-off frequency to reduce when g, is reduced only if g, >>
go- Otherwise g, will dominate over g,, resulting in bandwidth saturation and reduc-
tion in DC gain as it can be clearly seen from (4.1). The other alternative is to have
an arrangement for scaling g, along with g,, to keep g,,/g, constant. The latter option
has already been adopted in the designs explained in chapter 1.

In this chapter, a novel technique to enhance r, of the transconductor is proposed.
The proposed high DC gain transconductor is not only useful for realizing g, — C
filters but also it can be used as OTA in applications such as sigma-delta converter,

switched capacitor circuits, where precision is important.

Existing techniques such as cascoding two transistors in a stack to increase r,, can
give an enhancement in gain equal to the intrinsic gain. However, as the operating
voltage scales down, cascoding limits voltage headroom. Cascading beyond two stages
or other techniques such as gain boosting, requires additional compensation to stabilize
the OTA in a closed loop, when used in feedback.

Cancellation of output conductance, by using a negative conductance in parallel
to the output conductance can give a high r,, without requiring additional complex
compensation techniques (Yan and Geiger 2002, He et al. 2003). The main limitation
with Yan and Geiger (2002), is the requirement of extensive tuning to maintain the
enhancement over process, voltage and temperature (PVT) variations. Further, the
enhancement in DC gain degrades with output voltage swing, due to the non-linearity
of the elements (arising at large voltage swing) used in the arrangement to cancel the
output conductance. In He et al. (2003), an output level monitoring circuit and digital
tuning circuit is used to maintain large DC gain over output voltage swing. In Huang
and Chen (2014), a conductance cancellation technique that is insensitive to PVT and
output voltage swing variation has been proposed. However, the enhancement that
can be obtained is in the neighborhood of intrinsic gain of the transistor.

Another limiting factor to the use of negative conductance cancellation technique is
the fact that the OTA can have a dominant right half plane (RHP) pole, if the negative
conductance is greater than the output conductance. In Yan (2002), the stability and
meta stability of a closed loop system with an unstable open loop system has been
studied. It has been shown that the dominant RHP pole can move to the left half
plane (LHP) when connected in feedback, and hence the closed loop system can still

be stable.

This work presents a conductance cancellation technique in which an enhancement
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of about two-to-three folds of intrinsic gain (in dB) can easily be obtained due to en-
hancement in r,. In other words, the enhancement is equivalent to three amplifier
stages (each having gain equal to intrinsic gain) in cascade. The proposed technique,
is simple in design and is relatively insensitive to PV'T variations. By using an ar-
rangement of a gyrator based linear attenuator and a transconductor to cancel the
output conductance, the technique provides significant boost in DC gain across large

output voltage swing.

4.2 Concept of Conductance Cancellation

An approach for canceling the effect of output resistance r, of a transconductor is to
supply a current equal to that drawn by r,. This in turn can be achieved by supplying
a current to the output node through another transconductor whose input voltage is
tuned based on the current drawn by r,. By doing this the current drawn by the r,
is made approximately zero, thus canceling the output conductance.

The proposed output conductance cancellation scheme is shown in Figure4.2. g,
is the main transconductor whose output resistance is to be enhanced, g,,. is the
transconductor used to enhance the output resistance and r, is the effective resistance
at the output node (accounting for the output resistance of both g,, and gp.). As
long as the current drawn by r, is supplied by ¢,,., the main transconductor g, is free
of loading from r, and therefore, the DC gain offered by the main transconductor can
be made infinite, ideally.

Input to g, is an attenuated form of the output v, (through an attenuator block
of gain «). The degree to which the output resistance of the main transconductor g,,
is enhanced, is decided by the accuracy of the current provided by g,,. being equal to
the current drawn by r,.

The effective resistance at the output node, r,,; of the circuit, in Figure 4.2 is given
by the expression,

To

(4.2)

Tout =

- AGmcTo
From (4.2), it is evident that r,, of the circuit goes to infinity, as « approaches

1

9ImeTo

that the output current of g,,. is linear. Hence, the proposed conductance cancellation

. If a is very small, then the voltage swing at node v, is very small. This implies
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Figure 4.2: Cancellation of output conductance of a Transconductor.

method is linear. Though this concept of cancellation is similar to that proposed in

He et al. (2003), the approach used to realize the circuit is novel and simple.

4.3 Circuit Realization

1
gmeTo

The proposed scheme is shown in Figure4.3. Input to the attenuator is the output v,

A gyrator based circuit is proposed to realize the attenuator with « close to

of the main transconductor in Figure 4.2 and the output is v,. The attenuator consists
of transconductor g,,; and a gyrator formed by g,,2 and —g,,1. 72 and r,; are output

resistances of ¢g,,2 and g,,1 respectively.

\

Gm2

Uy — T
/
~dm1

- To1l % \

Figure 4.3: Realization of the attenuator block «

For the ease of analysis, Figure4.3 is redrawn in Figure4.4. Here the attenuator is

viewed as comprising input transconductor, forward transresistance amplifier with a
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— 9m2T02701

gain of R, = #2521 and a feedback transconductor of transconductance Gy = gp1.

The effective impedance at node v, will be,

Forward Transresistance Amplifier

ii Z‘e

Input Transconductor

Feedback Transconductor

Figure 4.4: Model of the attenuator under DC operating conditions.

Zol

14+ R,G
i%f (4.3)

Im2T02gm1Tol
1+ 5

Since the loop gain is very large Z, can be approximated as follows,

1
A —— (4.4)
ng.gmlroQ
Therefore,
Uy = Vo X ngch ~ Yo (45)
GmaT o2
Uy = Gmalo2 X Uy R U, (4.6)
From (4.5), attenuator gain o = % = ——_ If the product g,.r. is made equal

Vo Im2T o2

t0 gmero the output resistance of the main transconductor can be made infinite, as
per (4.2). Another point to be noted is that, if g2 and 7, are made to track g,
and r, respectively across PVT, variation in DC gain across PVT will be similar to

that of basic transconductor and is least affected by the r, enhancing circuit. Since 7,
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comprises of output resistance of both g, and g,,., it is necessary to make r,y also to
have a similar composition. This can be easily achieved by integrating the transcon-
ductor ¢,,. into the main transconductor g,, as shown in Figure4.5. The transistors
My and My, in the figure, realize differential transconductance g,, while transistors
M; and Mg realize g,,.. For the transconductor g,,2, a replica of the transconductor
shown in Figure 4.5 or its scaled version can be used, but with gates of My and M; set

at common-mode. This arrangement ensures ¢,,9702 = Gmero-

Vaa
1
Veomrs
M }_I_{ M
=0 v
Vim

g Yi‘%[lMo Ml]%o e

Igias

Figure 4.5: Schematic of the main transconductor g,, with g,,. integrated to it.

For the approximation in (4.5) to be accurate, it is desirable to have the loop gain
dm2le2dmizel as large as possible. Larger the loop gain, better will be the enhancement in
To. 1t is interesting to see in (4.5) that the linearity of the attenuator is predominantly
decided by gme. Since the swing at the node v, is small, the loop acts as a linear
attenuator. A very small swing of v, applied to g,,. in Figure 4.2 makes the current
supplied by it also linear for relatively large output voltage swing. Therefore, the
enhancement in DC gain of the main transconductor is desensitized to its output
voltage swing to a large extent.

It can be noted that the approximation in (4.4) has an error that is inversely
proportional to 1 + R, G. In other words, the enhancement in DC gain that can be
achieved is limited to the loop gain of the attenuator, 1 + R,Gy i.e. 1 4 m2re2imiiel,
Higher loop gain can be achieved by choosing g,,; to have a large DC gain. A telescopic

architecture can be used for realizing g,,;. Since the swing at node v, is negligibly
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small, head-room requirement for the telescopic amplifier is quite relaxed.

1 2
r02:Co2 and 701:Co1’

The gyrator loop in Figure 4.3, has two open loop LHP poles at
where Cypy and C,; are parasitic capacitances at nodes v, and v, respectively. In
addition, each of the two transconductors g¢,,» and —g,,1, contribute one RHP zero
due to gate-to-drain capacitance in these transconductors. Since the gyrator loop is
designed to have very large loop gain, it is necessary to compensate the gyrator loop

against instability.

ip o 14 ’

im _

Figure 4.6: Complete schematic of the fully differential r, enhanced transconductor

Figure4.6 shows the schematic of fully differential r, enhanced transconductor.
The transconductor named ¢,,.m is a dual-input fully differential transconductor, the
schematic of which is shown in Figure4.5. The transconductor g,,s is the scaled down
version of the transconductor g,,.n. with a scaling factor of 2. The transconductor
gm1 1s realized using a fully differential telescopic OTA. The resistor and capacitor

arrangement across ¢,,1 and g2 are used for compensating the loop.

4.4 Effect of common mode voltage mismatch

The common mode voltage of the main transconductor has a direct effect on the output
impedance seen. Any mismatch in the common mode voltage results in a difference
in the r, matched, as the mirror transconductor sees a different r, from that of the
r, present in the main transconductor. Therefore it becomes necessary to match the
common mode voltage of the mirror transconductor in the attenuator loop, figure 4.3,
to that of the main transconductor. In order to do so, make the dummy transistors

(Mp and M;) in the mirror transconductor track the input common mode of the main
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Figure 4.7: Splitting of dummy transistors to match common mode

transconductor. This is achieved by splitting the dummy transistors as shown in
Figure 4.7.The inputs to the split dummies are given from the inputs to the OTA. The
two dummies only allow the common mode current, canceling any differential current.
Hence the input common mode voltage from the main transconductor is copied to the
mirror transconductor in the attenuator loop. With better matching of the common

mode voltages, the gain of the OTA doesn’t degrade.

4.5 Simulation Results

The proposed scheme is validated in 0.18 yum CMOS technology from UMC technolo-
gies. The frequency response of the OTA with and without r, enhancement has been
compared.

Figure 4.8 shows the schematic of r, enhanced OTA with additional compensation
for stability. Main transistors of the transconductor are operated in weak inversion
region to have low transconductance (12nS) with a bias current of 10nA.

The magnitude and phase response of the OTA with 10 pF load is shown in Fig-
ure4.9 and 4.10 along with the frequency response of the basic OTA.

It can be seen that about 101.3dB DC gain can be obtained by enhancing r, of
the basic transconductor. However, for the OTA without enhancement (with V,, and
Vam set to small signal ground), the DC gain offered is 54.43 dB. Owing to the large
loop gain of 46.9dB offered by the attenuator loop, the DC gain of basic OTA is
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Figure 4.9: Comparison of Magnitude response of r, enhanced OTA to basic OTA,
(Cr = 10pF).
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Figure 4.10: Comparison of Phase response of r, enhanced OTA to basic OTA, (C, =
10 pF).

enhanced to 101.3dB. It is to be noted that Miller compensation has been used for
both proposed OTA and basic OTA. Both basic and r, enhanced OTA offers a phase
margin in excess of 87°.

Figure4.11 shows the transfer characteristics of the OTA. The OTA is found to
offer a good linearity up to about 1V peak-to-peak input differential swing. Figure 4.12
shows the plot of DC gain versus output voltage swing of the OTA. The OTA offers
a DC gain of 101.3dB for an output voltage swing of +0.57 V which is sufficient for
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Figure 4.11: Transfer characteristics of r, enhanced OTA.

biomedical applications.
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Figure 4.12: DC gain vs Output Voltage Swing

Table 4.1 compares the characteristics of basic OTA (without enhancement) to the
r, enhanced OTA. Tt can be observed that there is 46.9 dB boost in the DC gain, with
little effect on other characteristics such as linearity, unity gain bandwidth etc. Also
the phase margin is not affected by the enhancement.

Figure4.13 and Figure4.14 compares the variations in DC gain of the proposed
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Table 4.1: Characteristics of OTA at 1.8V Supply in UMC 180 nm Technology, (Cf =

10 pF).
Basic OTA | r, enhanced OTA
Supply Voltage (V) 1.8 1.8
Technology (pm) 0.18 0.18
Power (nW) 180 648
DC Gain (dB) 54.43 101.35
fsap (Hz) 5.5 923m
fu (kHz) 2.67 2.63
Linearity @1 % THD 1.1 1.15
Voaissp—ph (V) @522
IRN (1Vims) 33.9 62.7
(1mHz-10kHz)
Phase Margin (°) 89.89 87
Enhanced OTA

-40 -20 0 20 40 60 80
Temperature (°C) - ff
55 Basic OTA
~ _e_‘
% 54 F snfp
£53 )
{5‘ +
=]
O 52 nsp
Q 51 4
-40 -20 0 20 40 60 80
Temperature °C)
Figure 4.13: Variation of DC gain of r, enhanced OTA compared to basic OTA vs
Temperature.
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Figure 4.14: Variation of DC gain of r, enhanced OTA compared to basic OTA vs
Supply voltage.

OTA with the basic OTA across PVT variations. The observations are tabulated
in Table4.2. The table also compares the performance of this OTA with similar r,
enhanced OTAs found in literature. It can be seen that the proposed method offers
least sensitivity of reduction in DC gain to output voltage swing without any need of
dedicated tuning circuit.

A low sensitivity of the DC gain across PVT is due to the architecture where g,

and ry, are made to track g,,. and r, respectively as explained in section 4.3.
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Table 4.2: Performance comparison with related works.
Yan and Geiger | Huang and Chen | This Work
(2002) (2014)

CMOS Process 0.5 ym 0.13 pm 0.18 um
Supply Voltage (V) 3 1.5 1.8
Current Consumption | 15m 1.12m 0.364
(A)
DC gain boost (dB) at | - 26.4 46.9
Vout = 0
Output Swing Range | -0.24— 0.24 -1.1-1.1 -0.57-0.57
(OSR) (V)
Reduction in DC gain | 33 1 0.87
boost (dB) over OSR
Sensitivity of gain | 68.75 0.77 0.75
boost to OSR (dB/V)
Minimum DC gain | - 23.2 45.6
boost  (dB)  over (-40-80°C) (-40-80°C)
temperature
Minimum DC gain | - 21.1 (1.3-1.8V) | 46.7 (1.6-2V)
boost  (dB)  over
supply voltage
Calibration of tuning | high gain, low | NA NA

circuits

offset, compara-
tor

80




4.6 Filter Design Using the r, Enhanced Transcon-

ductor

The concept of conductance cancellation scheme is applied to the cross-coupled dif-
ferential pair transconductor proposed in Chapter2 to achieve high r,. The reason
is with g, cancellation technique adopted for realizing very low transcondutance, it

is interesting to check whether the proposed r, enhancement scheme can readily be

applied.
Vdd
i
M, M,
Vom V()p
OV_y[oVi( OV_x( onv_[ :Hko |Vyo |Vipo |on
M, M, M; M, M, Mg My My

Q I, I,

Figure 4.15: Cross-coupled transconductor

The cross-coupled differential pair shown in Figure 2.2 is required to be modified as
shown in Figure4.15. However, here a NMOS realization is adopted. The transistors
My, My, M; and Mg form the basic input stage and transistors My, Mg, My and
My are feedback transistors realizing g,,.. All the transistors are sized equal and are
operated in sub-threshold region. The two differential pairs have tail currents I, and
Lo, and I, =~ I such that Iy — Iy = Ai. The cross coupled arrangement of
the two differential pairs effectively offers a low transconductance as explained in the
section 2.2.

To achieve low transconductance, the two currents I, and I are to be generated

such a way that they have a very small difference Ai. A modified architecture based
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Figure 4.16: Tail currents generation circuit

on the circuit proposed in section 2.2.1 is used to generate tail currents I and Ige
with a tunable difference of Ai. The scheme proposed to achieve this is shown in
Figure4.16.

The r, of the transconductor is enhanced by using the proposed scheme explained
in 4.3. The common-mode feedback (CMFB) circuit shown in Figure4.8 is used to
set common mode voltage levels of the output node.

A first order fully differential low-pass filter g,,-C' is realized using the r, enhanced
cross-coupled differential transconductor. The schematic of the filter designed in UMC
0.18 um CMOS technology is shown in Figure4.17.

Vipo— + - + - p—— om
|
Om “Om ’ Iom
op
Vim o— - + -+ Vop

Figure 4.17: First-order fully differential g,,, — C filter.

Figure4.18 shows the magnitude response of the filter. The filter bandwidth is
tuned by varying the resistor R. The tuning range achieved is from 0.5 Hz to 10 Hz, for
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I,=1nA, C=50pF and R= 500kS2 to 10 MS2. The tuning range is increased from 10 Hz
to 365 Hz by increasing the bias current [,=10nA for the same capacitor and resistor
values. An off-chip resistor (potentiometer) is preferred for R, over on-chip resistor,
as it is required to be tuned. The proposed resistor based tuning (R-tuning) scheme
in section 2.2.1 has a limited tuning range. The tuning range is limited by the output
impedance and reduction in DC gain on the lower frequency side. By enhancing the r,

of the transconductor, the cut-off frequency is further reduced without the reduction

in DC gain.
O -
—f,=0.5Hz
20 [ |f =1.01Hz 1
2 f =4.99Hz
= 401 ¢ S10.04m2 i
= C
5 60 - 7”fc=38.67Hz |
---f,=99.7Hz
80 F +fc=19OHz il
—f_=365Hz
_100 Ll L Ll L Ll L L Hh ST, L il L Sy ™
102 10° 102 10* 10° 108

Frequency (Hz)

Figure 4.18: Magnitude response of the filter for R tuning. The tuning range is from
0.5Hz to 365 Hz. The settings used for these results are in the format [Bias current Iy,
resistor value, cutoff frequency|: [1nA, 500k, 0.5 Hz|, [1nA, 1 MQ, 1Hz], [1nA, 5 MQ,
4.99Hz], [1nA, 10 M, 10.04 Hz], [10nA, 1 M€, 38.67 Hz|, [L0nA, 3 MS, 99.7 Hz], [10nA,
5MS, 190 Hz] and [10nA, 10 M€, 365 Hz].

Table 4.3 summarizes the filter performance. To evaluate the filter performance,

two cases are considered.

e With [,=1nA (f.=10Hz setting). The filter is excited with sinusoidal signal of
amplitude 264mV,,, differential at 1 Hz. A total harmonic distortion (THD) of
1% is obtained. With an in-band (0.1 Hz to 10 Hz) input-referred noise (IRN) of
175.76 11V, the filter is found to offer a dynamic range (DR) of 54.50 dB. It is
to be noted that the total power consumed by the filter is 0.207 uW operating
on 1.8V supply.
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e With I,=10nA (f.=100 Hz setting). A total harmonic distortion (THD) of 1%
is obtained for a input sinusoidal signal of amplitude 312mV,, differential at
10Hz. The filter is found to offer a dynamic range (DR) of 59.29 dB for an
in-band (0.1 Hz to 100 Hz) input-referred noise (IRN) of 119.70 pV,.,,s. The total
power consumed by the filter is 1.44 4W operating on 1.8 V supply.

Table 4.3: Summary of the filter performance at 1.8V Supply.

PARAMETERS Value Value
(Ib = 1I1A) (Ib = 1OHA)
Current consumption (uA) 0.115 0.803
Power (uW) 0.207 1.44
DC Gain (dB) 0 0
Filter Order 1 1
Bandwidth (Hz) 10Hz 100 Hz
Linearity @1 % THD 264 312
(Vinpk—pt (mV))
IRN (Vi) 175.76 119.70
(100 mHz-10Hz) | (100 mHz-100 Hz)
Dynamic range (dB) 54.50 59.29
60

501 Samples (N) =200 |
Mean = 99.4
Std.Dev = 6.86

N
o

Number of Samples
N w
o o
T T

[ut
o

80 85 90 95 100 105 110 115 120
Cut-off frequency (Hz)

Figure 4.19: Monte-carlo simulation of the filter with 200 runs for f. = 100 Hz setting.

Monte-carlo simulations are performed to evaluate the performance of filter ( f.=100 Hz

setting) for device process variations and mismatch. Mean of about 99.4 Hz and stan-
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dard deviation of about 6.86 Hz is observed without the use of any bandwidth fixing
loop. The distribution of cut-off frequency is shown in the Figure4.19.

Simulations are carried out across process corners, supply voltage and temperature
(PVT) variations, for a setting of f.=100Hz.
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80 - 80 90 100 110
-100 1Y T R O B T S U171 R S S Y T S Y] I S U TV S DU BRI SR
10 10 ° 10 * 10* 10 10°®
Frequency (Hz)

Figure 4.20: Magnitude response of the filter across various process corners at room
temperature.
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Figure 4.21: Magnitude response of filter for 10% change in supply voltage at typical
corner and room temperature.

The magnitude response of the filter at different process corners is shown in Fig-
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ure 4.20. The change in cut-off frequency f, is less than 12% at nominal supply voltage
of 1.8 V and at room temperature (27°C). Figure 4.21 shows the magnitude response
for £10% variation in supply voltage from the nominal value at room temperature
and at typical process corner. The change in bandwidth is less than 1%. For variation
in temperature from 0°C to 80°C at typical corner and nominal supply voltage, the
bandwidth variation is less than 15% as shown in Figure4.22. These deviations can

be tuned back by re-adjusting R appropriately.

0 |
20 - .
-40 - :
=
<l
£ 60 | |
<
S
-80 |- .
-100

Frequency (Hz)

Figure 4.22: Magnitude response of the filter for change in temperature (0 — 80°C) at
typical corner and nominal supply voltage (Vpp=1.8 V).
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Chapter 5

CONCLUDING REMARKS AND
FUTURE WORKS

5.1 Conclusions

A novel technique is proposed to reduce g, for realising low frequency g,, - C filters.
A technique to tune the effective transconductance is also presented. The proposed
technique has been validated through simulations by designing a fourth-order low-pass
Butterworth filter using transconductor cells. The architecture of g, -cell makes it
possible to realise a fully differential filter without the need for an explicit CMFB
circuit. The simulation results justified that the proposed tuning scheme is linear. A
tuning range of 1-100 Hz was achieved. The tuning range has been increased to 30
mHz-100 Hz by using a switched g, -cell and modifying the filter circuit accordingly.

The ultra low power, second order, switched sub-threshold source follower biquad
based filter proposed in this thesis best in its class with a dynamic range of 91.86 dB.
Switching technique used for the filter allowed the adjustment of cut-off frequency in
the range 4 Hz to 100 Hz. The filter exhibited a very good FoM when compared to
the state-of-the-art filters.

A novel gyrator based output conductance cancellation method to boost the DC
gain of a differential amplifier proposed is capable of boosting the DC gain of a simple
transconductor by about five orders of magnitude. The concept and the associated
design is simple to realize. The scheme is found to offer a minimum enhancement of
45 dB across PVT variations. Overall, the OTA is found to offer 0.75dB/V sensitivity

of gain boost over OSR, which is the least among similar schemes found in literature.
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A first order filter designed using the proposed OTA is able to offer cut-off frequency
down to 0.5 Hz without any switching scheme, and more significantly without the loss
of DC gain.

All proposed filters are capable of extracting most bio potential signals because
of wide tunable bandwidth. All the proposed filters are proved to be robust with
encouraging Monte-Carlo simulations. In addition, the low power architecture make

these filters highly suitable for use in portable bio-medical instruments.

5.2 Future Works

One of the issues in designing g,,-C filters is to ensure the filter performance as per
specifications across PVT variations and transistor mismatches. Usually for g,,-C' fil-
ters designed to operate in weak inversion region the bandwidth varies upto £20% for
PVT Variations and mismatch. An automatic tuning circuit is the most commonly
used scheme in integrated filters for correcting the variations in bandwidth. In the-
sis, the emphasis was more towards proposing new architectures for low frequency
filters and proving their candidature in bio-medical applications. Therefore, not any
significant effort has been made towards automatic tuning of bandwidth. It will be
quite interesting to design an automatic tuning circuit for proposed transconductor
and filter architectures.

The recent trend in the design of low frequency filters is to use single branch filters.
Most widely used architectures to implement single branch filters are source followers.
The source follower based filters are best suited for biomedical applications, as they
are more power-efficient when compared to conventional g,,-C filters. Design of source
follower based filter architectures can be explored further.

Using the r, enhanced transconductor as the first stage, a two stage OTA design
can be attempted with common-source amplifier used as second stage. With the use of
common-source amplifier at the second stage, the DC gain can be potentially increased
to 150dB or beyond. However, it could be an interesting problem to address on the
stability front.

Designing low power filter circuits for biomedical applications in the era of Internet-
of-things could be quite challenging. Therefore, the scope of research in designing
such circuits is never-ending. Any analog circuit which can be thought for low power

applications, is worthwhile to be tried.
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Appendix I
PERFORMANCE METRICS

A-1 Total Harmonic Distortion (THD)

Total harmonic distortion (THD) is a measurement used to estimate the system non-
linearity. It tells the amount of distortion present in the output signal due to har-
monics. Total harmonic distortion (THD) is defined as the ratio of sum of the powers
of all harmonics to the power of the fundamental frequency. Total harmonic distor-
tion is usually expressed in terms of percentage or in decibels (dB) relative to the

fundamental component as distortion attenuation.

(A1)

Pyt Pyt Pyt ..
THD(dB)lelog( At Bkl s )

Py

where Py, Py and P, are the powers of 2"¢, 3" and 4*" harmonics respectively. Pr is

the power of fundamental. THD is also defined as

(A.2)

; s2 + ‘/;’271183 + ‘/7“277134 +
V;msf

THD (dB) = 20log (\/V;m

where Vins2, Vimss and Vi, are the rms voltages of 274, 3™ and 4** harmonics

respectively. V,.,ss is the rms voltage of fundamental.

Lower THD value indicates less distortion in the system output. The quality of
filters is often specified using THD. A filter with THD of 0.01 or lower (< 1%) is
considered to be normal. In dB, 1% THD corresponds to -40dB. In literature, most
of the filters are designed to have THD of < 1%.
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A-2 Power Consumption

Power consumption is one of the key parameter to be considered while designing
the circuits for biomedical systems. Low power circuits are highly important in the

following kind of systems:

1. Portable systems operated with battery
2. Energy harvesting systems or sensors

3. Low cost systems
4

. Low heat dissipation systems

Typically, portable systems are of smaller size operated with batteries. To increase
the lifetime of batteries or to reduce the time between recharges, the circuits designed
should consume low power. The power constraint becomes more stringent for more
miniature systems. Energy harvesting systems can accommodate circuits only with
low power consumption as they survive on the small amounts of energy derived from
their surroundings. Low power consumption is important for reducing the cost of
overall system as the cost of the battery increases with size, increasing the overall
cost.

Biomedical systems are examples of such systems where low power circuits is ex-
tremely important. If the circuits are for wearable and implantable biomedical devices,
then the design must consume low power to reduce the amount of heat dissipated, so
that human tissues surrounding the devices will not be damaged, and also to increase
the battery life and reduce the battery size and overall weight. This is because using
of bulk batteries and frequent replacement of batteries is not practical. If the design
is not for wearable and implantable devices then the constraint on power consumption
can be relaxed.

The total power consumption of filter is the product of supply voltage and sum of
currents through all the branches in the circuit. Designing filter circuits to consume

low power by preserving linearity, noise and dynamic range is quite challenging.

A-3 Bandwidth

One of the most significant aspects of biomedical filters is bandwidth. Specifically,
bandwidth in filters is often referred to the passband bandwidth. For low-pass filter,
passband bandwidth is frequency range between 0 and the -3dB point of the filter
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magnitude response. For most of the filters in biomedical systems, the requirement in
bandwidth is <100 Hz. The 3dB bandwidth in g,, — C flters is given by g¢,,/C. Low
bandwidth (or low cut-off frequency) is practically achieved by reducing g,,.

In biomedical systems, A filter with tunable bandwidth, that extracts most bio
potential signals is widely preferred to enhance the re-usability of the filter and for

cost minimization.

A-4 Noise

Noise is the paramount parameter in circuits designed for biomedical applications.
Since the bio-electric signals are of low amplitude the circuits must exhibit low input-
referred noises to process the weak signals precisely. The common noise contributors
of mos devices are thermal noise and flicker noise.

In MOS devices, random fluctuation of mobile carriers in the channel due to ther-
mal excitation causes thermal noise. Thermal noise can be modelled by a drain to

source connected current source as shown in Fig. A.1 with spectral density (Razavi
2005)

—L O

Figure A.1: MOSFET thermal noise

12 = 4kTgm (A.3)

where k is the Boltzmann constant, T is the absolute temperature, coefficient v ~ 1
and g, is the transconductance of transistor.

The main cause of Flicker noise in MOS devices is due to random trapping of the
charge carriers in the channel and gate oxide. The flicker noise of the MOS transistor
is given by Razavi (2005)
= _ K g

T WL + (A.4)
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where K is a parameter that depends on transistor dimensions, C,, is oxide capac-
itance, W, L are width and length of the transistors, g,, is the transconductance of
transistor and f is the frequency. In filter circuits noise is due to both thermal noise
and flicker noise. The circuits designed for bio-electric signals are highly susceptible
to flicker noise (1/f noise) due to their low frequency of operation and also flicker noise
is the dominant noise contributor. Fig. A.2 shows the importance of 1/f noise at low

frequencies when compared to the thermal noise.

— A
10logV?,
1/f noise

Thermal noise

AN

Figure A.2: Noise plot where spectral density is dominated by flicker noise (1/f) noise
at low frequencies less than f,.

From (A.4), flicker noise of a transistor is inversely proportional to its W-L product
(gate area). By increasing the gate area of the transistors to sufficiently large value,

the flicker noise can be suppressed to a sufficiently low value.

For bio-medical filters, the requirement on inband input referred noise of the filter

for a given input voltage and SNR is given by ( Lee and Cheng 2009)

. ‘/in,rms
Nozsemﬂﬂef(rms) S W <A5>

If the noise contributed by the filter is well within the range it doesn’t cause any
significant performance degradation. Normally, input referred noise is considered for
representing the circuit noise. Input-referred noise indicates the amount of input signal
corrupted by noise, i.e., it indicates the minimum signal that can be detected by the
circuit with acceptable signal-to-noise ratio. It also helps in the fair comparison of

noise performance of the designed filter with different filter circuits.
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A-5 Dynamic Range (DR)

Dynamic range is defined a the ratio of highest signal level to the smallest signal level
that a circuit can handle. Highest input is limited by the distortion and smallest input

is limited by the noise. For analog filters, dynamic range is defined as

Power of input signal for a specified THD at the output

Dynamic range = (A.6)

Input referred noise power

To clearly distinguish between the desired signal and noise, high dynamic range filter

circuits are needed.

A-6 Figure of Merit (FoM)

Figure of merit (FoM) is a metric used to compare the performance of various filters
available in the literature. FoM combines several circuit parameters into a single

value often helpful for comparison. FoM is defined by (Liu et al. 2012)

P

FoM = S BR

(A7)

where P is the total power consumption, N is the filter order and DR is the dynamic
range. Lower FoM indicates the better filter performance. FoM of a filter can be
enhanced by designing the filter to consume low power for a given N and DR. Also,
DR can be enhanced by designing the filter to have low distortion and noise which

in-turn enhances the FoM.
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Appendix 11
The Power-Efficient Weak

Inversion Region of Transistor

Operation

A-7 Introduction

Power is the product of supply voltage and current. Power can be reduced by oper-
ating the systems at lower voltages and/or currents. Power savings, by scaling the
supply voltage is limited by the performance degradation of analog circuits. It is dif-
ficult to preserve the performance of circuits for supply voltages below 0.25V. Thus
scaling the currents is the promising option. In weak inversion or sub-threshold re-
gion of operation, transistors can be operated with low currents ranging from pA to
1A. Transistor is operated in sub threshold region by choosing appropriate transistor
dimensions and bias voltages.

The drain current of MOS transistor in sub-threshold region is given by

VGS—VTH) < (_VDS))
Ip =KIp, — ") (1- A8
o= Ky eap (102 cap (32 (A8)

where K = W/L is the aspect ratio of transistor, u is the carrier mobility, C,, is
% ~ 1.5 is the sub-threshold slope factor,
Ve = % ~ 26 mV is the thermal voltage and Vg is the threshold voltage. Ip, is the

pre-exponential factor of sub-threshold current given by

the gate-oxide capacitance, n =

Ipo = pClos(n — 1)V7 e~ Vru/(Vr) (A.9)
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For Vps>4Vy ~ 100mV, (A.8) is reduced to

(A.10)

Vas — V.
Iy = Klp,eap (u)

nVr
The transconductance of the MOS transistor in sub-threshold region is given by

o0lp Ip
= = — A1l
Vas  nVr ( )

Im

Since g,, purely a function of Ip. The current I can be reduced, to achieve low g,,
which also results in low power consumption. In this research, transistors are mainly
designed to operate in the weak inversion region for achieving low-power consumption.
In the weak inversion region of operation, it is important to design the circuits that

are robust to noise, transistor mismatch, process and temperature variations.
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